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ABOUT THIS CHAPTER
Clock distribution networks and power delivery systems are the two largest

types of on-chip interconnect networks. They both play a crucial role in the cor-

rect operation of a circuit. A clock network delivers a synchronizing signal

across the chip to coordinate the flow of data. A power/ground (P/G) supply

network provides a reference voltage for determining the status of a transistor

(on or off) and also the current for switching a transistor.

This chapter addresses many issues that affect the integrity of clock net-

works or P/G networks. We begin with a discussion of the timing, power, and
robustness issues that one must consider when designing a clock network or

P/G network. The chapter then examines the automated analysis, synthesis,

and optimization of such large-scale interconnection networks in two sections,

one for clock networks and the other one for power supply networks. For each

section, we first cover the typical topologies encountered. After presenting the

modeling and analysis techniques for such networks, the chapter describes

algorithms to synthesize and optimize these networks.

13.1 INTRODUCTION
For a sequential circuit to operate correctly, the processing of data must

occur in an orderly fashion. In a synchronous system, the order in which data

are processed is coordinated by a clock signal. (To be more general, the 751



synchronization could be performed by a collection of globally distributed clock

signals.) The clock signal, in the form of a periodic square wave that is globally
distributed to control all sequential elements (flip-flops or latches), achieves

synchronization of the circuit operation when all data are allowed to pass

through the sequential elements simultaneously. A clock network is required

to deliver the clock signal to all sequential elements. As the distributive nature

of long interconnects becomes more pronounced because of technology scal-

ing, the control of arrival times of the same clock edge at different sequential

elements, which are scattered over the entire chip, becomes more difficult. If

not properly controlled, the clock skew, defined as the difference in the clock
signal delays to sequential elements, can adversely affect the performance of

the systems and even cause erratic operations of the systems (e.g., latching of

an incorrect signal within a sequential element).

The power delivery system is in the form of two networks, one for providing

the power supply voltage (VDD) and one for providing the ground (GND or VSS).

We refer to them as the power/ground (P/G) network. A well-designed P/G

network provides clean voltage references and adequate current for reliable

and fast computation. Variations in VDD and GND, commonly known as power
supply noise, may result in logic failures or severe speed loss in the circuit. One

reason for the fluctuations in VDD and GND is that the P/G network spans the

entire chip, because essentially all functional blocks (gates, memory cells, regis-

ters, etc.) on the chip have to be connected to the P/G pads. The presence of

resistive (R) and inductive (L) parasitics in P/G pins and the P/G network leads

to current-induced IR and L � di/dt voltage variations, respectively, when cur-

rent (I or i) flows to facilitate the switching activities of transistors. Because

low supply voltages are typically used in modern-day integrated circuits, the
margin available to tolerate voltage variations is usually very stringent.

When considered independently, the design of a clock or P/G network

already poses a formidable challenge because of stringent requirements. A

well-designed clock or P/G network must also account for variations in device

and interconnect parameters. What complicates matters even further is the

interplay between the clock network and the P/G network. For example, in a

zero-skew clock network, all sequential elements are triggered almost simulta-

neously. Because these elements draw current from the power network or sink
current to the ground network almost simultaneously when the clock switches,

the zero-skew design often leads to severe power supply noise, resulting in

unacceptable degradation in performance and reliability. On the other hand,

power supply noise affects the clock jitter (this refers to the time shift in the

clock pulse, as well as the variations in the pulse width that arise from the

time-varying operating conditions such as supply voltage), which, in turn,

affects the arrival times of clock signal at different sequential elements.

We will describe in the next section many of the design considerations that
one has to consider when implementing a clock network or a P/G network.

These design considerations are captured either in the objective function for
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which a synthesis algorithm for such networks has to optimize or as constraints

that the synthesis algorithm has to satisfy. Synthesis algorithms for clock net-
works and P/G networks are topics that we cover in Sections 13.3 and 13.4,

respectively.

13.2 DESIGN CONSIDERATIONS
Consider a simple synchronous circuit that uses positive edge-triggered

flip-flops (FF’s) as the sequential elements controlled by a clock signal that

has even duty cycle (i.e., a single-phase clocking scheme). We use

S ¼ fs1; s2; . . . ; sng to denote the set of clock pins of flip-flops in the circuit,
with si being the clock pin of flip-flop FFi.

A pair of flip-flops is sequentially adjacent when only combinational logic

exists between the two flip-flops. Let FFi and FFj be two sequentially adjacent

flip-flops, with the output of FFi being fed to the data input of FFj through a

combinational logic (see Figure 13.1). We say that FFi is the launching flip-flop

and FF j is the capturing flip-flop.

13.2.1 Timing constraints

Suppose the clock signal arrives at all the flip-flops simultaneously. In

Figure 13.2, the clock signal arrives at the 12 o’clock position.1 Here, we assume

an even duty clock signal. Hence, in the first half of the clock cycle the clock
signal is high (“CLK ¼ 1”). At the 6 o’clock position, the clock switches from

high to low (“CLK ¼ 0”). After a clock period of CP, the clock signal is again

at the 12 o’clock position.

The minimum allowable clock period CP for the synchronous system must be

long enough to accommodate the time it takes to propagate the signal through the

FIGURE 13.1

A simple sequential circuit.

1This representation was credited to Professor Mark Horowitz of Stanford University in the

accompanying lecture materials of the book by [Rabaey 2003].
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launching flip-flop, denoted as tpFF , and the time it takes for the signal to make its
way through the combinational logic, denoted as tlogic. Moreover, the clock period

must also account for the setup time, denoted as tsetup, which is the amount of

time that the input to the capturing flip-flop has to stay valid before the next

triggering clock edge arrives (see Figure 13.2a). This can be summarized by the

following inequality, which is also known as the setup time constraint:

Cp � tpFF þ tlogic þ tsetup

Of course, one should use the worst-case (or maximum) propagation delays for

flip-flops and combinational logic and the maximum setup time requirement to

determine the lowest operable clock period. Violation of the setup time con-

straint is also commonly referred to as a zero-clocking hazard, because the signal
is not latched in properly by the capturing flip-flop (see Figure 13.2b).

The setup time constraint presents only one side of the story for the proper

operation of a synchronous system. To ensure proper propagation of input sig-

nal through a flip-flop, the input must remain valid or hold steady for a short

duration after the clock edge. That short duration is referred to as the hold time,

denoted as thold . The hold time of a capturing flip-flop imposes an additional

constraint on the total propagation delay of a signal through the launching

flip-flop and the combinational logic as follows:

tpFF þ tlogic � thold

To accommodate the most extreme design corner, the preceding inequality,
which is known as the hold time constraint, should be formed with the

(a)

Setup time constraint satisfied

CLK = 1 CLK = 0 

tj + C P tj

tsetup tpFF

tlogic

ti + C P ti

(b)

Setup time constraint violated

CLK = 1 CLK = 0 

tj

tsetup tpFF

tlogic

ti

tj + C P
ti + C P

FIGURE 13.2

Setup time constraint.
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maximum hold time of the capturing flip-flop and the minimum propagation

delay of the launching flip-flop and the smallest propagation delay of the combi-

national logic (see Figure 13.3a). The violation of hold time constraint is com-

monly referred to as a double-clocking hazard, because two signals would
have gone through the capturing flip-flop in a single clock cycle (see

Figure 13.3b).

Remark: Clocking for Combinational Logic: The focus of this chapter is on

clocking for sequential circuits (finite state machines or pipelined systems).

Clocking is also an integral component of combinational logic: Dynamic

circuits, such as Domino logic and NP CMOS logic (Zipper logic), require clock

signals to synchronize the precharge phase and the evaluation phase of the

circuits. It is important to realize that techniques presented in this chapter
can be adapted to handle the synchronization of precharge-and-evaluate

circuitry.

13.2.2 Skew and jitter

Because of the unbalanced delays in the clock distribution network, clock edges

may arrive at clock pins si and sj in Figure 13.1 at different times. Such spatial

variation in the arrival times of a clock transition at two different locations on a

chip is commonly known as the clock skew. Let ti and tj be the signal delays

(a)

Hold time constraint satisfied

CLK = 1 CLK = 0 

ti

tj

tpFF

tlogic

thold

Hold time constraint violated

(b)

CLK = 1 CLK = 0 

ti

tj

tpFF tlogic

thold

FIGURE 13.3

Hold time constraint.
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from the clock source to si and sj, respectively. Define the clock skew between

si and sj, denoted by skewi, j, to be

skewi; j ¼ ti � tj

By definition, skewi; j stays constant from cycle to cycle [Rabaey 2003].
Figure 13.4 shows two different scenarios: (a) skewi; j > 0 and (b) skewi; j < 0.

They, respectively, correspond to the clock signal arriving at sj earlier than and

later than at si.

At time ti, the clock edge arrives at flip-flop FFi. The input of FFi takes

tmax
pFF þ tmax

logic, in the worst case, to propagate through the flip-flop and the com-

binational logic. The signal must have settled down for a duration of tmax
setup before

the next clock edge arrives at time tj þ CP at FFj, the capturing flip-flop, so that

it can be properly latched in. That translates into the following more general
setup time constraint:

ti þ tmax
pFF þ tmax

logic þ tmax
setup � tj þ Cp ð13:1Þ

Rewriting Equation (13.1), it is clear that a positive clock skew, as shown in

Figure 13.4a, places a lower bound on the allowable clock period (or an upper

bound on the operating frequency of the circuit 1=CP) as follows:

Cp � skewi; j þ tmax
pFF þ tmax

logic þ tmax
setup ð13:2Þ

(a)

skewi,j > 0

tlogic

tsetup tpFF

titj

skewi,j
tj + C P

skewi,j < 0

(b)

tlogic

tsetup tpFF

ti tj

tj + CP

FIGURE 13.4

Setup time constraint in the presence of clock skew.
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The terms in Equation (13.2) can also be rearranged into

skewi; j � Cp � tmax
pFF � tmax

logic � tmax
setup ð13:3Þ

which shows that for a given frequency, we must bound the skew from above.
Although a positive skewi; j always decreases the maximum attainable clock

frequency, a negative clock skew (i.e., skewi; j < 0) actually increases the effec-

tive clock period, as shown in Figure 13.4b. In other words, we may have a

combinational logic block between two sequentially adjacent flip-flops that

has a propagation delay longer than the given clock period.

Example 13.1 Cycle Stealing or Useful Clock Skew. Consider a 3-stage pipeline as shown in

Figure 13.5a. Let tlogic;CLi denote the delay of combinational logic block CLi. In this exam-

ple, we assume that tlogic;CL2 ¼ 10 ns, tlogic;CL1 ¼ tlogic;CL3 ¼ 8:5 ns. If the clock signal

arrives at all clock pins at the same time (Figure 13.5a), it is obvious that the fastest fre-

quency at which the circuit can operate is 100 MHz. However, that would mean that for

8.5 ns 8.5 ns10 ns

8.5 ns

(a) Zero skew

(b) Useful skew

8.5 ns10 ns

FF1 FF2 FF3FF0

CL1 CL2 CL3

8.5 ns 8.5 ns10 ns

0.5 ns
1 ns

0.5 ns

0.5 + 8.5
= 9 ns

10 − 1 =
9 ns

−0.5+1+
8.5 = 9 ns

FF1 FF2 FF3FF0

CL1 CL2 CL3

skew0,1
= 0.5 ns

skew2,3
= 0.5 ns

skew1,2
= −1 ns

FIGURE 13.5

Cycle stealing.

13.2 Design considerations 757



the last 1:5 ns of the clock period, combinational logic blocks CL1 and CL3 are sitting

idle. Although they maintain the correct values at FF1 and FF3 before the arrival of the

next clock edge, they are not doing meaningful computation.

In the following, we will show how we can design the clock distribution network such

that the system can run at 111 MHz (i.e., a clock period of 9 ns). In this clock network,

the clock signal arrives at FF0, FF1, FF2, and FF3 with the following skews:

skew0;1 ¼ 0:5 ns, skew1;2 ¼ �1 ns, and skew2;3 ¼ 0:5 ns. The effects of the skews

are that CL1 and CL3 have exactly 8:5 ns for the computation, and CL2 has exactly

10 ns for the computation. In other words, CL2 steals 0:5 ns each from the clock periods

for CL1 and CL3 so that the system can operate at a clock period that is smaller than the

longest path delay in CL2.

However, when the skew is excessively negative, the signal may arrive so early

that it races through the capturing flip-flop, resulting in double-clocking or a

hold-time violation. Consider the example in Figure 13.1 again. At time ti, the

clock edge triggers flip-flop FFi, and the input to FFi propagates through the

flip-flop and the combinational logic. Because we are considering the possibility

of data racing with the clock signal, we use the shortest propagation delay
through the flip-flop and the combinational logic, which is tmin

pFF þ tmin
logic. In the

worst case, the input signal at FFj has to remain stable for tmax
hold after the clock

edge of the same clock cycle arrives at tj. Therefore, only after tj þ tmax
hold may

the signal from FFi erase the input at FFj (see Figure 13.6). This constraint is

expressed as follows:

(a)

skewi,j > 0

tj
ti

tpFF

tlogicthold

(b)

skewi,j < 0

tlogic
thold

tpFF

ti tj

FIGURE 13.6

Hold time constraint in the presence of clock skew.

758 CHAPTER 13 Synthesis of clock and power/ground networks



ti þ tmin
pFF þ tmin

logic � tj þ tmax
hold

which can be rewritten as a lower bound constraint on the skew:

skewi; j � tmax
hold � tmin

pFF � tmin
logic ð13:4Þ

As mentioned earlier, clock skew is typically caused by unbalanced delays in

the clock distribution network. Such unbalanced delays can be attributed to

uneven wire lengths along the clock paths, mismatches in the numbers of buf-

fers along the clock paths, and differences in the clock load driven by clock buf-

fers. Although it is possible to manipulate these differences and mismatches to

create useful skew for performance enhancement, skew caused by variations in
the manufacturing process cannot be eliminated or exploited easily. Oxide var-

iations, dopant variations, and width and length variations of devices affect such

device parameters as the threshold voltage and parasitic capacitance of clock

drivers and buffers. Variations in the interconnect thickness, widths, and

spacing, and variations in interlayer dielectric thickness affect the interconnect

resistance and capacitance. Because of these variations in process parameters,

the clock skew between two clock pins may be different in two different dies,

although the skew remains constant in a die. The challenge is to design a clock
distribution network that works equally well across different dies.

Although skew caused by static variations stays constant cycle to cycle,

time-varying variations in the operating condition of a circuit cause temporal

variation of the clock period at a given point on the chip [Rabaey 2003]. The

clock edge at a flip-flop may sometimes arrive earlier and sometimes later with

respect to an ideal reference clock, depending on the operating condition of the

circuit, as shown in Figure 13.7. Such temporal clock-period variation is referred

to as clock jitter. In particular, we call the worst-case deviation (absolute value)
of the arrival time of a clock edge at a given location with respect to an ideal

reference clock edge as absolute jitter. Let tiðnÞ and tiðnþ 1Þ, respectively,
refer to the arrival times of the nth and nþ 1st clock edges at

clock pin si. The cycle-to-cycle jitter (absolute value) for si is defined to be

t
jitter
i ðnÞ ¼ jtiðnþ 1Þ � tiðnÞ � CPj. Hence, the worst-case cycle-to-cycle jitter is

Cycle 1 Cycle 2 Cycle 3

t jitter
i

t jitter
i

t jitter
i (3)=|ti(4)-ti(3)-CP|

(2)=|ti(3)-ti(2)-CP|

(1)=|ti(2)-ti(1)-CP|
Cycle-to-cycle

jitter

(a)

ti(1) ti(2) ti(3) ti(4)

Ideal
clock
edge

Absolute
jitter

(b)

FIGURE 13.7

(a) Cycle-to-cycle jitter. (b) Absolute jitter.
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twice the absolute jitter (i.e., maxnt
jitter
i ðnÞ ¼ 2T

jitter
i ), where T

jitter
i is the abso-

lute jitter of si. The setup-time constraint and hold-time constraint should be
updated accordingly:

skewi; j � Cp � tmax
pFF � tmax

logic � tmax
setup � ðT jitter

i þ T
jitter
j Þ ð13:5Þ

skewi; j � tmax
hold � tmin

pFF � tmin
logic þ ðT jitter

i þ T
jitter
j Þ ð13:6Þ

In other words, the clock period may be shortened or lengthened by

T
jitter
i þ T

jitter
j .

A few main sources of environmental variations cause clock jitter: power

supply noise, temperature gradients, substrate noise, and coupling of the clock

network with adjacent signals. All these variations are caused by switching activ-
ities. The first three variations, in particular, affect the generation and propaga-

tion of clock signal, because device parameters are strong functions of these.

The analog component of the clock generation circuitry and the clock buffers

in the distribution network are both significant contributors to clock jitter.

Switching activities, which vary from cycle to cycle, cause variations in inter-

connect couplings, gate capacitances, and the voltages of internal nodes of

latches and flip-flops. As a consequence, the load presented to clock buffers var-

ies from cycle to cycle, which causes jitter.
In the next section, we further elaborate on an important source of time

varying variations, namely, the power supply noise.

13.2.3 IR drop and L �di=dt noise

Because of the non-zero resistance of wires connecting a transistor to a P/G pad,

the transistor does not see a full VDD when current flows from the P/G pad to

the transistor. The voltage fluctuations, called IR drop, cause a degradation in
drive strength. Until recently, IR drop has been defined mainly by considering

the average current flowing through a power supply network [Lin 2001]. In a

static IR drop analysis, we calculate the IR drop defined as such by performing a

DC analysis of the power supply network that takes the average current as the

input. Of late, designers are concerned that the voltage of a power supply network

may not have sufficient time to recover because of the shrinking clock period as

the clock frequency increases. There has been an increasing need for dynamic

IR drop analysis, in which we have to consider the current waveform across mul-
tiple clock cycles [Lin 2001]. Therefore, the analysis of dynamic IR drop requires a

transient analysis of the power supply network.

The P/G pins also have associated inductive parasitics. Moreover, wires in a

P/G network typically have larger dimensions. Combined with the high operating

frequencies of modern designs, the impedances of such wires are increasingly

dominated by their inductive parasitics. Because of the time-varying nature of

the current drawn from the power supply noise, inductance causes AC voltage

fluctuations, called L �di=dt noise, in the supply lines. Large current spikes caused
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by a large number of simultaneous switchings can cause considerable L �di=dt
noise.

In addition to causing signal integrity problems, power supply noise results in

variations in performance, which may also cause hold time or setup time viola-

tions. It is important to note that this effect varies from cycle to cycle, because

power supply noise is strongly related to switching activities. Moreover, the sup-

ply voltage continues to scale with device scaling. The reduction in power supply

voltage is accompanied by a decrease in noise margins as well. Consequently,

modern designs are more prone to failures caused by power supply noise.

Increasing wire widths is a typical approach to counter IR drop. Besides wire
sizing, decoupling capacitors are usually inserted to reduce IR drop and to sup-

press L �di=dt noise. Although on-chip decoupling capacitors are indispensable

for robust power supply, it is important to note that they are usually realized as

MOS capacitors. Hence, they are as leaky as transistors. For energy conservation,

it is crucial to restrict the use of on-chip decoupling capacitors.

13.2.4 Power dissipation

As the clock network switches in every cycle, its total power dissipation can be

significant. The IBM Power4 processor, for example, consumes 70% power in

clock networks and latches [Anderson 2001]. Because of the high switching

activity, dynamic power is the most significant component of clock power:

Pclk ¼ CV 2
DD fclk ¼ CV 2

DD=Cp

The capacitive load C includes the gate capacitance of the sequential elements
controlled by the clock signal, the interconnect capacitance of the clock network,

and the capacitances associated with the buffers used in the clock network.

One very effective technique in reducing the switching capacitance of a clock

network is through clock gating [Rabaey 2003]. One of many implementations of

clock gating is to “AND” the clock signal with an enable signal, as shown in

Figure 13.8. When the enable signal “EN” is low, all sequential elements in the

Clock

EN

EN = 1:

EN = 0:

0
1

0

FIGURE 13.8

Clock gating for power reduction.
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downstream of the AND gate will stay inactive. As the output terminals of these

sequential elements remain quiet, the combinational logic between these sequen-
tial elements also stay inactive. In other words, the corresponding functional units

have been disabled or clock gated. Because these sequential elements (and the

ensuing combinational logic) do not participate in the switching activity, the

switching capacitance of the clock network is reduced, effectively cutting down

on the dynamic power dissipated by the clock network.

For clock gating to be effective, the sequential elements should be clustered

such that a group of sequential elements can be gated by a single enable signal.

It is not economical otherwise to have one AND gate for each sequential ele-
ment. Moreover, there is an overhead of a control logic for the generation and

distribution of enable signals for different clusters of clock-gated sequential

elements. Propagating the clock signal through a mixture of buffers and AND

gates further complicates the control of clock skew. Even for flip-flops that

are not clock-gated, it may be necessary to insert an identical number of AND

gates along the clock path to promote symmetry in the clock network.

Clock gating is also an active power management technique that further

heightens the imbalance of switching activity at different locations of a chip.
Time-varying variations such as temperature gradients may become more

severe. The switching of a module between active and inactive modes also

results in larger variations in the current flowing through the power supply net-

work. All these variations are the main contributors to clock jitter.

13.2.5 Electromigration

Both the power supply network and the clock distribution network carry high

currents because of the high capacitive load that they have to charge or dis-

charge. Wires that carry high currents typically suffer from the effects of electro-

migration, where metal atoms migrate as a result of electrical current flowing
through the metal material. Void appears in the area from where metal mole-

cules migrate, leading to narrower line widths and eventually an open circuit.

On the other hand, electromigration can also cause metal buildup in the form

of hillocks in a wire, which may lead to a short with an adjacent wire. Metal

lines that have existing cracks or other imperfections are particularly prone to

electromigration. Circuit failure can also occur in the form of timing violation,

because the resistance and capacitance of a metal wire change because of

electromigration.
A good metric to characterize the reliability of a chip is the mean time to

failure (MTTF). A mathematical model for the MTTF of a chip caused by elec-

tromigration is given by Black’s equation [Black 1969]:

MTTF ¼ ðAJ�2ÞeEa=kT

where A is an empirically determined scaling factor, J is the current density,

Ea is the activation energy that is determined by the material and its diffusion

mechanism, k is Boltzmann’s constant, and T is the temperature.
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The typical current density at which electromigration occurs in modern on-

chip interconnects is 106 to 107 A/cm2. Because the current in a wire varies
with time, the current density J in Black’s equation should be replaced by the

effective current density Jeff. For wires in a power supply network, the current

flow is usually unidirectional (from a VDD pad to a transistor). Thus, the effec-

tive current density is the average direct current density. For clock intercon-

nects, the effective current in a wire is essentially zero, because the current

flow is bidirectional. Treating the current as alternating, the root-mean-square

current density should be used instead.

It is clear from Black’s equation that the occurrence of electromigration in a
design is mainly determined by the current density J and the temperature T . It is,

therefore, desirable to reduce the switching activity of the circuit. We can also

address the issue of electromigration by the following techniques that target the

reduction of current density J. Increasing thewirewidth is themost straightforward

way to decrease current density and increase MTTF. Multiple vias can be, and are

often, used to improve reliability. The geometry of a via array should facilitate an

even distribution of the current flow through all the vias. Turning corner with an

oblique bend instead of a right-angled-bend also eliminates current crowding.

13.3 CLOCK NETWORK DESIGN
The two main subsystems in a clock network are: clock generation and clock

delivery. Clock generation is an important topic that has been covered quite
extensively in many textbooks on circuit design. This book, being an electronic

design automation text, will focus on the synthesis of clock delivery networks.

First, we cover some of the common clock topologies used in VLSI circuits. Sec-

ond, we present the Elmore delay model, which is extensively used in the EDA

community for the analysis and synthesis of clock networks. Third, we describe

several basic clock synthesis algorithms, dealing with both skew scheduling and

clock routing. Finally, we focus on a few fundamental clock optimization techni-

ques, namely, buffer insertion, clock gating, wire sizing, and link insertion. For
ease of presentation, the descriptions of many algorithms in this chapter may

deviate from the original ones in the literature.

13.3.1 Typical clock topologies

The most economical way of distributing a clock signal is that of a tree topology.

Assuming a binary tree structure, a clock tree with h levels of internal nodes can

reach 2h flip-flops at the leaf nodes.
An ideal clock tree is the H-tree topology [Fisher 1982; Kung 1982] as shown

in Figure 13.9, where the basic building block at each level of the distribution

network is a regular H-structure. Another scheme that yields equal-length inter-

connections is the X-tree (see also Figure 13.9), where the basic building
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block is an X-structure [Bakoglu 1990]. All four corners of the H-structure and

X-structure are equidistant from the center of the structure. Both the H-tree

and X-tree achieve equal path length from the clock source to the leaf nodes

by, respectively, repeating the H-structure and X-structure recursively top-down

as shown in Figure 13.9. Such regular topologies also facilitate the addition of

clock buffers in a symmetrical fashion.
H-trees (or X-trees), although effective in equalizing path lengths from a

driver to a set of sinks, have serious limitations. These trees are best suited for

regular layouts where the clock load is uniformly distributed over the entire

chip. It is not particularly suitable for irregular placements with varying sink

capacitances, which are common for cell-based designs. Moreover, a tree topol-

ogy is more susceptible to the effects of variations in process parameters and

operating condition because of its lack of redundancy; there exists only one

unique path from the clock source to a flip-flop.
A very effective way of introducing redundant clock paths to a balanced

clock tree is to add a trunk to connect all the leaf nodes of the clock tree,

and branch off from the trunk to drive clock pins. In Figure 13.10, a balanced

binary tree drives the center trunk at 4 positions uniformly distributed along

the trunk. The binary tree is balanced, because the clock paths from the clock

source to the 4 connecting points along the trunk are of equal length. The clock

paths from the center trunk to the 5 clock pins are also designed to be of the

same path length. The center trunk is of wider width, so that the associated
resistivity is minimized. Consequently, the delays of the clock signal at various

locations of the clock trunk can be minimized or considered to be uniformly

equal. Hence, the clock trunk can provide a uniform clock reference for a

region of the circuit.

The clock spines used in the first Intel Pentium 4 microprocessor [Kurd

2001] are variants of the clock trunk topologies. Figure 13.11 shows three clock

spines that are driven at various points along the spines. The network of

distributed clock buffers is almost a balanced binary tree, with the non-tree
structure driven by each of the third level clock buffers being the exception.

As in the case of a clock trunk topology, the spines provide a uniform clock

H - Tree X - Tree

FIGURE 13.9

Symmetric H-tree and X-tree.
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FIGURE 13.10

(a) A center trunk connecting 5 sinks. (b) A balanced binary tree driving the center trunk

at 4 positions.
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non-tree
structures

1st level
buffer

2nd level
buffer
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FIGURE 13.11

Clock spines in the first Intel Pentium 4 processor [Kurd 2001].
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reference for all the clock trees radiating out of the spines. It is interesting

to note that the clock signal goes through the same number of clock buffers before
reaching the spines. Hence, the effects of device variations are minimized. How-

ever, clock skew or jitter at the clock buffers directly above the spines may result

in short-circuit current between these buffers. In Figures 13.10 and 13.11, we

show a trunk and a spine as a straight wire. This is an abstraction; in reality, the

trunk or the spine could be a wire with multiple bends.

Compared with clock trunk topologies, a clock mesh provides significantly

more alternative paths from the clock source to the flip-flops. A clock mesh is

typically driven by distributed clock buffers. As shown in Figure 13.12, the
clock buffers could either be located at the perimeter of the clock mesh, as in

the case of the Alpha 21264 processor [Bailey 1998], or be uniformly distributed

across the grid points of the clock mesh, as in the case of the IBM Power4 pro-

cessor [Anderson 2001]. The distributed buffers for the mesh are typically

driven by another clock network. For a mesh whose clock buffers are on the

perimeter of the clock mesh, it is convenient to think of a boundary edge of

the mesh as a clock trunk that connects these buffers. For a mesh whose clock

buffers are uniformly distributed, it is typical to use an H-tree to distribute the
clock buffers.

If a clock mesh that spans the entire chip has both high grid density and high

clock buffer density, the clock signal can be considered to be available almost

everywhere on the chip with minimal skew. Because of its high grid density,

(a)
(b)

FIGURE 13.12

Two general clock mesh structures: (a) The clock drivers are at the perimeter. (b) The clock

drivers are on the grid points.
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most clock pins can be connected directly to the grid edges with short links.

However, such a clock network incurs high power consumption. Furthermore,
it is not amenable to clock gating, because most clock pins are connected to the

clock mesh directly. A good compromise between power, skew, and wiring cost

is to use a clock mesh with a moderate grid density and a moderate clock buffer

density.

For such a clock mesh, the clock signal is no longer that freely available to

flop-flops distributed across the chip. Additional clock subnetworks have to

be constructed to connect them to the mesh. Figure 13.13 shows such a two-

level clock distribution network: global (level) clock distribution and local
(level) clock distribution. The global clock network distributes the clock signal

from the clock source to various regions across the chip with a balanced H-tree

driving a clock mesh. The local clock distribution subnetworks further distrib-

ute the clock signal to the flip-flops. Such a two-level design facilitates clock gat-

ing, especially when flip-flops that should be gated by the same control signal

reside in close proximity.

Although this example shows a two-level clock network, it is not uncommon

for a high-performance processor design to use a clock network with three or
more levels of hierarchy. Different topologies can be deployed at each level.

Instead of the use of a clock mesh as a global clock network, clock trunks

and clock spines could also be used. Similarly, the local clock distribution sub-

networks could either be a tree topology, clock trunk, clock spine, or even a

clock mesh. Among these, trees are the topology of choice for the connection

of the local flip-flops because of their low wiring cost. Because of the uneven

FIGURE 13.13

A hierarchical clock network with an H-tree driving a clock grid for global clock distribution,

which in turn drives flip-flops through many local clock distribution networks.
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distribution of flip-flops or clock load in a local region, it is common to use an

asymmetric tree structure as the clock network. Figure 13.14 shows some asym-
metric tree topologies constructed for the same set of clock pins under different

skew requirements. As we can observe from the topologies, they become more

complex and more costly as the skew constraints become more stringent (from

(a) to (c)). The topologies shown here are an “abstraction” of the physical clock

trees embedded in a Manhattan routing plane. Although they show the physical

locations of internal nodes in the clock trees, the connections are not

Cost = 780

(a)

Cost = 1113

(b)

FIGURE 13.14

Topologies for the same set of clock pins under various kinds of skew constraints: (a) Very

relaxed skew constraints. (b) Moderate skew constraints. (c) Very tight skew constraints.
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embedded with horizontal and vertical wire segments. In other words, the con-

nections are not shown with rectilinear routing.

Most studies on clock layout are concerned with the construction of a tree

topology that satisfies the skew constraints. In fact, the synthesis of such a tree
will be the main focus of Section 13.3.3. Non-tree structures, such as meshes or

a hybrid of meshes and trees, typically can tolerate higher degrees of parameter

variations in devices and wires, as well as uncertainties in system operating

conditions because of its highly interconnected nature. In other words,

the behavior of non-tree structures is more predictable. However, the robust-

ness of a non-tree structure is achieved at the expense of higher routing

cost compared with a tree topology. Consequently, tree structures are preferred

over non-tree structures when routing area is a premium, but non-tree struc-
tures are the preferred solutions when the predictability of clock networks is

critical.

Because deep-submicron designs are more susceptible to parameter varia-

tions, more and more designs have turned to non-tree structures for clock distri-

bution. A good tradeoff between area and process variation is the insertion of

cross-links in a tree topology, as shown in Figure 13.15. Here, wires are inserted

into a tree to provide alternative paths between selected pairs of nodes whose

skews are deemed to be highly susceptible to process variations. We will further
elaborate on the synthesis of such a non-tree structure in Section 13.3.4.

Cost = 1230

(c)

FIGURE 13.14

(Continued)
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13.3.2 Clock network modeling and analysis

A key component to the synthesis of a reliable clock network is the modeling and

analysis of clock signal delays. In this section, we describe a commonly used delay

model for clock network synthesis, namely, the Elmore delay model [Elmore
1948]. In particular, we focus on the computation of Elmore delay for a tree.

Figure 13.16 shows a lumped RC circuit driven by a step input. The response

at the capacitor is governed by the following expression:

voutðtÞ ¼ VDDð1� e�t=RCÞ
The time at which voutðtÞ reaches some specified critical voltage Vcrit is given by

tcrit ¼ RC � In VDD

VDD � Vcrit

In particular, the time at which the output voltage reaches 50% of VDD is

approximately 0:69� RC. The rise time, which is typically defined to be the

elapsed time between 10% and 90% of VDD, is approximately 2:2� RC.

......
Cross links

(a)

(b)

FIGURE 13.15

(a) An abstract clock tree with links inserted. (b) A clock layout for a benchmark circuit with

cross-links inserted with the algorithm from [Lam 2005].

0

VDD

+−

R

C

Vout

FIGURE 13.16

A simple RC circuit driven by a step input.
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It is, however, more difficult to calculate the 50% delay of a distributed line,

or for that matter, an RC tree made up of lumped or distributed RC lines. Fortu-
nately, a number of useful delay models have been developed to help approxi-

mate the delay of RC trees. Among these, the Elmore delay model is most

commonly used.

First, we consider trees of lumped RC elements only. In [Elmore 1948],

Elmore defined the delay of node i in an RC tree as

tElmore; i ¼
ð1
0

t � hiðtÞdt

where hiðtÞ is the impulse response to the unit impulse (applied at time 0) at

time t, or equivalently, the derivative of the unit step response at time t. The

50% delay, denoted t50, is the time for the monotonic step response to reach
50% of VDD, and it is the median of the impulse response. In essence, the

Elmore delay model uses the mean of the impulse response hðtÞ to approximate

the 50% delay of the step response.

Rubinstein, Penfield, and Horowitz [1983] derived an algorithmic approach

to compute the Elmore delay of all nodes in an RC tree; the computation time

is proportional to the number of lumped RC elements. Before giving the details

of the approach, we first provide some definitions. Given an RC tree, there is a

corresponding abstract topology. Figure 13.17 shows one such example. The
tree is driven at its root (u) by a driver (or buffer), which is modeled as voltage

source, labeled src, connected in series with an output resistance, Ru. Every

internal node of the tree is connected to one or more child nodes. Because each

of these connections (or tree edges) can be uniquely identified by the child

node, we label the resistors between them according to the labels of the child

nodes. Node u, for example, is connected to child nodes v and x by resistors

Rv and Rx, respectively, in the RC tree. Each node i in the RC tree has an asso-

ciated capacitor Ci.

u

v x

y z

(a)
(b)

u

v x

y z

+
−

Rv

Ru

Rx

Ry
Rz

Cu

Cx

CzCy

Cv

src

FIGURE 13.17

(a) An abstract topology. (b) The corresponding RC tree.
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Let Pathðsrc; jÞ denote the path in the RC tree T from voltage source, src, to

node j. Moreover, let RPathðsrc; iÞ\Pathðsrc; jÞ denote the total resistance along the
path common to Pathðsrc; iÞ and Pathðsrc; jÞ. Furthermore, let Ti denote

the subtree whose root node is i. The Elmore delay from src to i is given by

the following two equivalent expressions:

tElmore;i ¼
P

j2T Cj � Rpathðsrc; iÞ\pathðsrc; jÞ
¼P

Rk2pathðsrc; iÞ Rk

P
j2Tk Cj ð13:7Þ

The second expression, i.e., Equation (13.7), gives a linear time computation of

the Elmore delay. Consider the example in Figure 13.17, the Elmore delays of

nodes v and z can be written as:

tElmore;v ¼ RuðCu þ Cv þ Cx þ Cy þ CzÞ þ RvðCv þ Cy þ CzÞ
tElmore;z ¼ RuðCu þ Cv þ Cx þ Cy þ CzÞ þ RvðCv þ Cy þ CzÞ þ RzCz

First, we observe that the capacitive terms in the parentheses are cumulative

from right to left in the two preceding expressions or from bottom to top topo-

logically if we traverse the RC tree. This suggests that in a bottom-up manner

(or in a post-order traversal), we can compute at each node k the total

downstream capacitance CTk ¼ Sj2TkCj. The procedure for the computation

of downstream capacitance of node k in a bottom-up fashion is given in

Algorithm 13.1.

Algorithm 13.1 Compute-CT

Input: Node k

Output: Total downstream capacitance CTk at node k

1. CTk  Ck;

2. for each node j 2 Children(k) do

3. CTk  CTk þ Compute-CT ( j );

4. end for

5. return CTk ;

Second, tElmore,z ¼ tElmore,v þ RzCz. In other words, the Elmore delay of a node

is an accumulation of RC product terms from the voltage source to the node of

interest. The RC product term at node k is that of the branch resistance Rk and
the total downstream capacitance CTk . Therefore, in a top-down manner from

the voltage source to node i, we can sum up the RC delay of each resistor

along the path. In fact, in a top-down traversal of the tree T, we can compute the

Elmore delays for all nodes. A description of the recursive computation of Elmore

delays of nodes in Tk in a top-down fashion is given in Algorithm 13.2.
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Algorithm 13.2 Compute-Elmore-Delay

Input: Node k

Output: Elmore delay of node k

1. if node k is the root node

2. tElmore; k  0;

3. else

4. tElmore;k  tElmore;ParentðkÞ þ Rk � CTk ;

5. for each j 2 ChildrenðkÞ do
6. Compute-Elmore-Delay( j );

7. end for

On-chip interconnects are not lumped RC elements; they are distributed RC

lines. Given an RC line whose resistance R and capacitance C are uniformly

distributed over the line, we can divide the line evenly into n segments and

model each segment as a lumped RC element, with resistance R/n and capaci-

tance C/n. Assuming a step input at one end of the wire, the Elmore delay at

the downstream endpoint is

tElmore ¼ R=n � C þ R=n � Cðn� 1Þ=nþ � � � þ R=n � C=n
¼ RCðnþ 1Þ=2n

As n approaches 1, tElmore approaches RC/2. We can replace a uniformly

distributed RC line as a p-type lumped RC circuit as shown in Figure 13.18,

where one-half of the wire capacitance is at the downstream end. Because the
uniformly distributed RC line has to present a total capacitive load of C to all

upstream resistors in the tree topology, the remaining half of the wire capaci-

tance is at the upstream end of the wire.

If one end of the wire is connected to the clock pin of a flip-flop, the capac-

itance associated with that end should include both the gate capacitance of the

clock pin and one-half of the wire capacitance.

R

C

2

u v

C

2

FIGURE 13.18

Modeling a uniformly distributed RC line of resistance R and capacitance C with a

p-type circuit.
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Remark: Is Elmore Delay Accurate Enough? The Elmore delay model has

been used extensively to approximate the 50% delay point. It can easily be
shown that the Elmore delay gives the 63% (¼ 1� 1=e) delay of a simple RC cir-

cuit (with a single resistor and a single capacitor), which is an upper bound of

the 50% delay. In general, the Elmore delay of a sink in an RC tree gives an upper

bound on the actual 50% delay of the sink under not only the step input but also

any monotonically increasing, piecewise-smooth input uðtÞ, with its derivative
d
dt
uðtÞ being unimodal and symmetric [Gupta 1997]. The approximation of

the 50% signal delay by the Elmore delay is exact only for a symmetric impulse

response, where the mean is equal to the median [Gupta 1997]. Although the
Elmore delay model may not be accurate, it has a high degree of fidelity. An opti-

mal or near-optimal solution according to the estimator is also nearly optimal

according to actual (SPICE-computed [Nagel 1975]) delay for routing construc-

tions [Boese 1995] and wire sizing optimization [Cong 1996]. Studies in [Cong

1995b, 1998] also showed that the clock skew under the Elmore delay model

has a high correlation with the actual (SPICE) skew. Figure 13.19 demonstrates

the accuracy and fidelity of Elmore delay skew to actual skew for routing trees

constructed under the Elmore delay [Cong 1998].
Of course, the Elmore delay model has a few disadvantages. First, the Elmore

delay may not be very accurate. So, it is not suitable to be used directly for accu-

rate circuit timing analysis. Also, it cannot handle the inductive effect, because

the Elmore delay is defined for a monotonic response. More accurate delay

estimation can be obtained with higher order moments.

13.3.3 Clock tree synthesis

Two problems relate to the synthesis of a clock net: (1) the determination of a

feasible clock schedule that defines the arrival times of the clock signals at the
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FIGURE 13.19

Elmore delay skew versus actual (SPICE simulation) delay skew for clock trees obtained by

Greedy-BST/DME algorithm [Cong 1995b].
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clock pins, and (2) the physical layout of the clock network that realizes the

clock schedule. In the context of clock synthesis, a clock schedule is feasible
if it meets the performance requirement without causing race hazards in the sys-

tem operation. A physical clock network realizes the clock schedule if the clock

signal arrives at the registers at the respective arrival times specified by the

clock schedule. We refer to the first problem as that of clock skew scheduling

and the second as that of clock routing.

13.3.3.1 Clock skew scheduling

Designers may impose additional constraints to make circuits more robust to

process variations or have less power consumption. For example, we can make

a circuit more robust to process variations by subtracting a safety margin from

the upper bound constraint in Equation (13.5), or adding a safety margin to the
lower bound constraint in Equation (13.6):

skewi; j � Cp � tmax
pFF � tmax

logic � tmax
setup � ðT jitter

i þ T
jitter
j Þ � du ð13:8Þ

skewi; j � tmax
hold � tmin

pFF � tmin
logic þ ðT jitter

i þ T
jitter
j Þ þ dl ð13:9Þ

where du � 0 and dl � 0 are the safety margins. In general, safety margins may

vary for different pairs of flip-flops.

For convenience, we use li;j � skewi;j ¼ ti � tj � ui; j to represent lower- and

upper-bound skew constraints between si and sj and C ¼ fli; j � skewi; j � ui; jg
to denote the set of skew constraints for all sequentially adjacent clock pins si
and sj 2 S, the set of all clock pins of flip-flops. A skew schedule X is an assign-

ment of delay values ti to each clock pin si. We say that X is feasible if skewi; j

satisfies the skew constraints in C.
The skew bounds, each constraining the difference of a pair of variables, can

be represented by a constraint graph GC ¼ ðV ;EÞ as follows [Cormen 2001]:

Each clock pin in S corresponds to a vertex in the constraint graph. For the

two skew constraints associated with si and sj, we generate two directed edges

in GC, ei; j and ej; i. The former edge captures the lower-bound constraint and the
latter edge the upper-bound constraint. The weight of ei; j, denoted by wi; j, is

�li; j, and the weight of ej; i, denoted by wj; i, is ui; j. We will now give the moti-

vation for such a graph formulation.

Consider a circuit with four flip-flops with clock pins fs1; s2; s3; s4g for exam-

ple. In this circuit, FF1 feeds its output (through some combinational logic) to

FF2 and FF3, both of which send data to FF4. We illustrate in Figure 13.20 the

corresponding constraint graph.

First, we consider the four upper-bound skew constraints among the four
clock pins: skew1; 2 � u1; 2, skew2; 4 � u2; 4, skew1; 3 � u1; 3, and skew3; 4 � u3; 4.

Now, the constraint ti � tj � ui; j can be written as ti � tj þ ui; j. With this

expression, we can interpret ti as a distance label of node si, and say that si is

of a distance at most ui; j away from sj. That is equivalent to the existence of a
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directed edge ej;i 2 E of weight wj; i ¼ ui; j from sj to si for each constraint

ti � tj � ui; j, as shown in Figure 13.20.
Although FF1 and FF4 are not sequentially adjacent, the two data paths

FF1 ! FF2 ! FF4 and FF1 ! FF3 ! FF4 induce two transitive constraints

between s1 and s4:

skew1; 2 þ skew2; 4 ¼ ðt1 � t2Þ þ ðt2 � t4Þ ¼ t1 � t4 � u1; 2 þ u2; 4

skew1; 3 þ skew3; 4 ¼ ðt1 � t3Þ þ ðt3 � t4Þ ¼ t1 � t4 � u1; 3 þ u3; 4

The tighter of the two constraints imposes an upper-bound constraint on the
skew between s1 and s4:

skew1;4 ¼ t1 � t4 � minfu1;2 þ u2;4;u1;3 þ u3;4g
Consequently, the upper bound on skew1; 4 ¼ t1 � t4 is essentially the shortest

path distance from s4 to s1 in the constraint graph.

Next, we consider the lower bound constraints l1;2 � skew1;2, l2;4 � skew2;4,
l1; 3 � skew1; 3, and l3; 4 � skew3; 4. Because li; j � ti � tj ¼ skewi; j is equivalent

to tj � ti � �li; j, we add a directed edge ei; j 2 E of wi; j ¼ �li; j from si to sj,

as shown in Figure 13.20. It is obvious that skew1;4 is bounded from below by

the negative of the shortest distance from s1 to s4.

It can be shown that there exists a feasible skew schedule subject to C if, and
only if, GC has no negative-weight cycles [Cormen 2001]. To perform a feasibil-

ity check and to compute a feasible skew schedule, we first augment the con-

straint graph GC ¼ ðV ;EÞ with a source vertex S0 and connect S0 to each
si 2 V with an outgoing edge of zero weight. Then, we apply the Bellman-Ford

algorithm [Cormen 2001] to the augmented graph to compute the shortest dis-

tances from S0 to all vertices. If the constraint graph has no negative-weight

cycles, the Bellman-Ford algorithm terminates with appropriate shortest dis-

tances (or ti’s) assigned to clock pins; it returns a flag indicating that the sched-

ule is infeasible otherwise. A careful implementation of the Bellman-Ford

algorithm for the feasibility check has OðjV jjEjÞ time complexity.

s1

s2

s3

s4

-l1,2

u1,2

-l1,3
-l3,4

-l2,4

u2,4

u3,4
u1,3

FIGURE 13.20

A constraint graph constructed from a circuit with four flip-flops represented by clock pins

fs1; s2; s3; s4g. FF1 is sequentially adjacent to FF2 and FF3, both of which are sequentially

adjacent to FF4.
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The preceding formulation checks for the feasibility of a given clock fre-

quency (or clock period CP). We can perform clock frequency optimization
(or minimization of clock period) by building on the preceding formulation

with an iterative binary search procedure. Suppose we are to determine the

smallest feasible CP within the range CP;min � CP � CP;max. First, we consider

CP ¼ ðCP;min þ CP;maxÞ=2 and formulate the set of skew constraints C accord-

ingly. If the Bellman-Ford algorithm returns a feasible schedule, we update CP;max

to ðCP;min þ CP;maxÞ=2; otherwise, we update CP;min to ðCP;min þ CP;maxÞ=2. We

repeat the binary search procedure until CP;min and CP;max are sufficiently close.

Another important concept related to skew scheduling in the context of
clock tree synthesis is that of a feasible skew range. Consider a circuit with

three clock pins fs1; s2; s3g of three flip-flops FF1, FF2, and FF3 forming a cyclic

data path FF1 ! FF2 ! FF3 ! FF1. The skew constraints among the three flip-

flops�10 � skew1; 2 � 3,�5 � skew1; 3 � �2, and 1 � skew2; 3 � 4 are captured

in the constraint graph as shown in Figure 13.21a. We refer to the range ½li; j;ui; j�
defined by the lower and upper bounds of skewi; j as the skew range of skewi; j.

Interestingly, even though zero-skew is within the skew ranges of skew1; 2 and

skew2; 3, a feasible skew schedule does not exist if we choose skew1; 2 ¼ 0. This is
because of the transitive skew constraints �9 � t1 � t2 � �3 between s1 and s2
induced by the skew constraints of skew1; 3 and skew2; 3. Such stricter constraints

are, in fact, captured by the shortest paths between s1 and s2 in the constraint

graph: the upper bound of skew1;2 is essentially the shortest path distance

from s2 to s1 in the constraint graph, and skew1;2 is bounded from below by

the negative of the shortest distance from s1 to s2.

Consider a constraint graph with no negative-weight cycles. Let di; j denote

the shortest distance to sj from si. The inequalities �di; j � skewi; j � dj; i define
the feasible skew range of skewi; j, denoted as FSRi; j. Given a constraint graph

GC with no negative cycles, we can build an all-pairs shortest distance matrix

D ¼ fdi; j : si; sj 2 Sg from GC in OðjV j3Þ by the Floyd-Warshall algorithm

[Cormen 2001] to represent the feasible skew ranges of all skew pairs.

Figure 13.21b shows the all-pairs shortest distance matrix of the original con-

straint graph in Figure 13.21a.

We say that a skew commitment is made when we narrow a nontrivial FSR

to a single skew value. In fact, we can commit skewi; j, the skew between si and
sj, to any x 2 ½�di; j;dj; i� ¼ FSRi; j, because a feasible skew schedule that contains

such a skew commitment always exists. However, we may not make two or

more such skew commitments independently without affecting the existence

of a feasible skew schedule. Algorithm 13.3 gives an OðjV j2Þ approach for updat-

ing matrix D after we commit skewi;j to a skew value of x by shrinking the fea-

sible skew range to a single value. In general, the algorithm can be applied

whenever we refine the skew range of a pair of clock pins. Figure 13.21c shows

the resultant matrix D after a skew commitment of skew1; 2 ¼ �3.
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We now construct an OðjV j3Þ algorithm for incremental scheduling. First, the
Floyd-Warshall algorithm is used to generate matrixD inOðjV j3Þ time complexity.

As long as there exist uncommitted skews (or nontrivial feasible skew ranges), we

select one of them and commit the skew to an arbitrary value in the feasible skew

range. Then, we apply the incremental update procedure in
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FIGURE 13.21

An example showing the incremental skew scheduling based on an all-pairs shortest-distance

matrix: (a) The constraint graph GC. (b) The all-pairs shortest distance matrix D. (c) The all-

pairs shortest distance matrix after committing the skew of s1 and s2 to skew1,2 ¼ �3.
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Algorithm 13.3 Update All-Pairs Shortest Distance Matrix

Input: A skew commitment skewi; j ¼ x; an all-pairs shortest distance matrix D ¼ fdi; lg
Output: An updated matrix D

1. Set di; j ¼ �x and dj; i ¼ x;

2. for each dk; l; 1 � k 6¼ l � n in D do

3. Set dk;1 ¼ minfdk; l;dk; i � x þ dj; l;dk; j þ x þ di; lg;
4. end for

Algorithm 13.3. In the worst case, we have to perform jV j � 1 skew commit-

ments, hence the OðjV j3Þ time complexity.

In a sense, the incremental skew scheduler finds a spanning tree of the complete

graph represented by thematrixD. Here, a skew commitment is essentially an edge

of the spanning tree. (In reality, there are two edges for each skew commitment,

with the edgeweight being the committed skew value or the negation of it, depend-

ing on the direction of the edge.) Consequently, after at most n� 1 skew commit-

ments, the spanning tree connects all sinks in the graph. Moreover, the
skew between any pair of clock sinks is defined by the sum of the edge

weights along the path between the two corresponding vertices in the span-

ning tree.

Remark: Clock Scheduling and Power Supply Noise: Very recent works on

clock schedule optimization also considered current-induced noise control

and minimization. If not minimized, current induced noise, which includes IR

drop and L � di=dt noise, has an adverse effect on circuit performance, espe-

cially for low-power systems with reduced supply voltage, because low noise
margins are a primary concern. An effective method to reduce the current-

induced noise is to design the circuit such that the current drawn is fairly stable

without large peaks. In many designs with a huge clock distribution network,

current peaks are usually caused by the simultaneous switching of highly loaded

clock lines, as well as by the switching activities in the sequential elements

when they are triggered and in the ensuing combinational logic. There are sev-

eral skew scheduling algorithms for spreading out these switching activities

over time [Vuillod 1996; Vittal 1996; Lam 2002, 2003; Yu 2007]. The reader
may refer to the relevant papers for more details.

13.3.3.2 Clock tree routing

We now deal with the problem of clock tree routing (i.e., the construction of

a tree topology that realizes the specified skew schedule). Recall that S contains

the set of clock pins of flip-flops fs1; . . . ; sng. For convenience, we also include

the clock source, denoted as s0 in S. In general, the clock routing problem can

be formulated as follows: Given fls1 ; . . . ; lsng, a set of locations of the clock pins

fs1; . . . ; sng of flip-flops and skew constraints on various pairs of flip-flops,
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construct with minimum wiring cost, a clock tree that satisfies the setup time

and hold-time skew constraints in Equations (13.8) and (13.9). The location of
the clock source, denoted as ls0 , may also be given. If ls0 is not given, the clock

router will also determine a convenient location for s0. There are possibly other

constraints and/or objectives to the problem:

1. We want to impose a constraint on the rise/fall times of the clock signal

at the sinks, because it is critical to keep the clock signal waveform clean

and sharp.

2. We want the clock network to be tolerant of process variations, which

cause the wire widths and device sizes on the fabricated chip to differ

from the specified wire widths and device sizes, respectively, resulting

in so-called process skew (i.e., clock skew caused by process variations).

Several simplifications to the clock routing problem were made in the past to

make the task easier. It is the enabling concept of (absolute) global skew that

makes these simplifications possible. Indeed, these simplifications cultivate a

prolific area of studies on clock tree routing.

The global skew is defined to be the maximum among all the absolute skew
values between clock pins: gskew ¼ maxi; jjti � tjj. Several simpler versions of

the clock-routing problem centered around the concept of global skew are

given in the following:

1. Given a set of sink locations, construct with minimum routing cost a

clock routing that minimizes the global skew gskew.

2. Given a set of sink locations, construct with minimum routing cost a

clock routing that achieves zero skew (i.e., gskew ¼ 0). In other words,

all clock pins are required to have an identical clock delay. This is known

as the zero-skew routing problem.

3. Given a set of sink locations and a skew bound B � 0, construct with

minimum routing cost a clock routing that satisfies gskew � B. This is
called the bounded-skew routing problem.

It is through these simplifications that we can obtain a better understanding of the

general clock-routing problem, which is also known as the useful skew–routing

problem, defined at the beginning of this section. We will now describe various
algorithms on clock routing on the basis of the following classification: (1) zero-

skew routing, (2) bounded skew routing, and (3) useful-skew routing.

In the descriptions of these algorithms, we distinguish a physical intercon-

nect tree T from its abstract topology G, which is a binary tree such that all

sinks are the leaf nodes of the binary tree. Every non-leaf node of G has two

child nodes, with a possible exception that the root node may have only one

child node. We first introduced the concept of an abstract topology in Section

13.3.2. We will now provide a more formal definition. The source driver,
denoted s0, is the root node of the tree. When ls0 , the location of s0, is given,

s0 has a singleton internal node, denoted as s 00, as its only child; otherwise, s0
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has two child nodes. Each non-root node v is connected to its parent, denoted

as pðvÞ, by edge ev. Consider any two nodes, say u and v, with a common parent
node w ¼ pðuÞ ¼ pðvÞ in the abstract topology. The signal from the source has

to pass through w before reaching u and v (and their descendants).

The embedding of an abstract topology G to form an interconnect tree T

involves the mapping of each internal node v 2 G to a location lv ¼ ðxv; yvÞ in
the Manhattan plane, where ðxv; yvÞ are the x- and y-coordinates, and replacing

each edge e 2 G by a rectilinear edge or path. It is important to note that most

clock-routing algorithms are concerned with only the mapping of internal nodes

to physical locations and not the actual routing of wires, a task that could be accom-
plished by a maze router. Figure 13.22 shows an abstract topology and three of its

many possible ways of embedding. Note that s 00 is the singleton child node of s0
because the location of s0 is given. The subtree rooted at node v in T is denoted

as Tv. InT , the cost of edge ev is itswire length, denoted by jevj. The cost of a routing
tree T is the sum of its edge costs. Among the threeways of embedding the abstract

topology in Figure 13.22, the embedding in (d) has the highest cost.

The objective of a clock routing algorithm is therefore twofold: to generate

an abstract topology and to embed the abstract topology. For each of the
clock-routing problems, namely zero-skew routing, bounded-skew routing, and

useful-skew routing, we will first describe how we can embed a given abstract

topology to satisfy the respective skew constraint(s). Then, we will present

approaches to generate an abstract topology together with embedding.

13.3.3.3 Zero-Skew routing

The problem of zero-skew routing was first successfully solved in [Tsay 1991]

with a bottom-up approach. The Deferred-Merge Embedding (DME) algorithm,

proposed independently in [Edahiro 1991; Chao 1992; Boese 1992], generalized

the approach in [Tsay 1991] with the enabling concept of a merging segment

to achieve zero-skew routing for a given abstract topology.
In general, given two zero-skew trees, there exists a set of locations at which

two zero-skew trees can be joined with the minimum wire length such that the

new tree is also of zero skew. In Figure 13.23b, for example, any point la on the

line segment msa is equidistant from sinks s1 and s2 (i.e., we obtain a zero-skew

subtree rooted at la with sinks s1 and s2). For ease of illustration, the zero-skew

tree in Figure 13.23 is constructed under the path length delay model. The

model uses the wire length of the unique path between an ancestor node and

a descendant node in the physical routing tree to estimate the delay between
the two nodes. Many illustrations of different clock-routing algorithms in this

section are based on the path length delay model.

Given S and an abstract topology G, the DME algorithm exploits this flexibil-

ity and embeds internal nodes of G by means of a two-phase approach: (1) a

bottom-up phase that constructs for each internal node of G a set of possible

placement locations of the node in a zero-skew tree T ; and (2) a top-down
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FIGURE 13.22

(a) An abstract topology. (b)–(d) Three different ways of embedding the topology.
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FIGURE 13.23

An illustration of the bottom-up phase of the DME algorithm: (a) Topology of a clock source s0
and 4 sinks s1��4. (b) Merging segments of internal nodes a, b and v ¼ s0.
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embedding phase that determines for each internal node its exact location in T .

Note that we do not perform actual Manhattan routing of the connections
between nodes in the clock tree.

We refer to the set of possible placement locations of v 2 G in a minimum-

cost zero-skew tree as the merging segment of v, denoted as msv. The segment

msv is always a line segment (with possibly zero length when it degenerates

into a point) with slope þ1 or �1, as shown in Figure 13.23. This stems

from the fact that a circle in the Manhattan routing plane is a square rotated

by 45 degrees.

For each leaf node si 2 G, themerging segment of si is simply lsi, the location of
sink si. Suppose v is the parent node of si and sj, which are at a distance of dðlsi ; lsjÞ
apart. Under the path length delay model, any point inmsv should be of distance

dðlsi ; lsjÞ=2 from lsi and lsj . The segmentmsv can be computed by taking the inter-

section of two Manhattan circles, both of radius dðlsi ; lsjÞ=2, that are centered at

lsi and lsj . Because a Manhattan circle is a square that is rotated 45 degrees, the

intersection must be a line segment of slope þ1 or �1. Because it lies on the cir-

cumference of a Manhattan circle, we refer to such a line segment as aManhattan

arc.
Now, we consider a more general case. Let a and b be the child nodes of

v 2 G. The construction of msv depends on msa and msb, hence the bottom-

up processing order. In particular, any point on msv should allow a and b to

be merged with minimum wiring cost jeaj þ jebj, while maintaining zero skew

among all sinks in Tv.

Let L denote the shortest Manhattan distance between msa and msb (i.e.,

dðmsa;msbÞ ¼ L). Here, the distance between two sets of points P and Q is

defined as dðP;QÞ ¼ minfdðp; qÞjp 2 P; q 2 Qg. Let msv be at a distance of
x � L from msa where x is between 0 and 1. Given ta, the Elmore delay from a

to its sinks in Ta, the delay from v to sinks in Ta is

ta þ r � x � L � CTa þ
c � x � L

2

� �
where CTa is the total capacitance of the subtree Ta, and r and c are, respectively,

the unit-length resistance and capacitance of a wire of some prespecified width.

When Ta happens to be just a clock pin si, CTa is the gate capacitance associated

with clock pin and ta ¼ 0. Similarly, the Elmore delay from v to sinks in Tb is

tb þ r � ð1� xÞ � L � CTb þ
c � ð1� xÞ � L

2

� �
where tb is the Elmore delay from b to its sinks in Tb, and CTb is the total capac-

itance of the subtree Tb. We can now solve for x as follows [Tsay 1991]:

x ¼ tb � ta þ r � L � ðCTb þ c � L=2Þ
r � L � ðc � Lþ CTa þ CTbÞ
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If 0 � x � 1, we have found jeaj ¼ x � L and jebj ¼ L� jeaj. Clearly, the wiring

cost to merge msa and msb is L, which is the minimum possible. Consequently,
CTv ¼ CTa þ CTb þ c � ðjeaj þ jebjÞ. Note that the preceding computation assumes

both edges ea and eb have the same width. A simple extension can be made to

achieve zero-skew merging even when ea and eb have different widths.

If x < 0 or x > 1, it implies that the wire delay in a wire of length L is insuf-

ficient to balance the delay difference in ta and tb. It is, therefore, necessary to

use a wiring cost jeaj þ jebj > L to achieve zero-skew. Without loss of generality,

let ta > tb. Then, jeaj ¼ 0, and jebj is obtained by solving the following equation

[Tsay 1991]:

ta ¼ tb þ r � jebj � CTb þ
c � jebj

2

� �
Given jeaj and msa, the union of all Manhattan circles of radius jeaj that are cen-

tered at points on msa gives us a tilted rectangular region (a rectangle rotated by
45 degrees). All points in the tilted rectangular region, referred to as trra, are at

a distance of at most jeaj from msa. Given jebj and msb, trrb can be similarly

obtained. The intersection of trra and trrb is the merging segment for v, which

is again a Manhattan arc, as shown in Figure 13.24. Figure 13.24a shows an

example for the case when jeaj þ jebj ¼ dðmsa;msbÞ, whereas Figure 13.24b

shows an example for the case when jeaj ¼ 0 and jebj > dðmsa;msbÞ. In the

latter example, msv is a subset of msa, and it resides completely within trrb.

No detour

(a)

|eb|

msb

trrb

msa

|ea|

msv

trra

With detour

(b)

|eb|

msb

trrb msa = trra

|ea| = 0

msv

FIGURE 13.24

Intersection of trra and trrb to obtain msv.

FIGURE 13.25

Snaking to lengthen the connection between two points.
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Depending on the embedded locations of v and b, jebjmay be longer than dðlv; lbÞ.
In that case, wire snaking or detour wiring, as shown in Figure 13.25, is necessary
to implement the desirable wire length of jebj in the final clock layout.

The bottom-up merging process computes a tree of merging segments. The

process stops when we have computed mss0 , the merging segment of s0 if ls0 is

not given; otherwise, the process terminates when we have computed the

merging segment of s 00, the singleton child node of s0. We refer to such a tree

as a merging tree. Every node v 6¼ s0 or s 00 in the merging tree also has an asso-

ciated wiring cost jevj for its connection to its parent node.

Given the merging tree, the root node s0 is first embedded if the clock source
location is not given. In such a case, any point on mss0 can be selected to be ls0 ;

otherwise, we pick any point on mss 00 that is closest to ls0 to embed s 00. Now, we

proceed in a top-down fashion to embed other internal nodes of G. An internal

node v is embedded at any point onmsv that is of distance no farther than jevj from
lpðvÞ, the embedded location of its parent node pðvÞ. Hence, v could be embedded

at any point that lies on the intersection of themerging segmentmsv and the tilted

rectangular region bounded by a Manhattan circle whose center is lpðvÞ and radius

is jevj. The DME algorithm is summarized in Algorithm 13.4.

Algorithm 13.4 Deferred-Merge Embedding (DME)

Input: A set of clock pins (possibly including clock source s0Þ S, an abstract topology G

Output: A zero-skew clock tree routing T

1. Initialize mssi ¼ lsi for all si 2 S;

2. for each merging of two subtrees Ta and Tb to form Tv based on bottom-up
topological sort of abstract topology G do

3. Compute jeaj and jebj;
4. Construct trra from msa and jeaj and trrb from msb and jebj;
5. msv  trra \ trrb;

6. end for

7. if location of clock source s0 is given

8. Choose ls 0
0
2 mss 0

0
such that dðls 0

0
; ls0Þ ¼ dðmss 0

0
; ls0Þ;

9. else

10. Choose any ls0 2 mss0 ;

11. for each remaining internal node v 2 G in top-down order do

12. Let pðvÞ be the parent node of v;

13. Choose lv 2 msv such that dðlv; lpðvÞÞ � jevj;
14. end for
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Figure 13.23 gives an example of a clock net with four sinks s1–s4. For the topol-

ogy given in Figure 13.23a, the DME algorithm constructs merging segments
msa, msb, and msv of the internal nodes a, b, and v, respectively, under the path

length delay model as shown in Figure 13.23b. In this example, v is also s 00, the
singleton child node of s0, whose location is given. Each of the non-root internal

nodes is embedded at a point on its merging segment that is closest to its parent

node as shown in Figure 13.26.

Example 13.2 Zero-Skew Routing under Elmore Delay Model. Consider an example with 4 clock sinks

[Tsay 1991], as shown in Figure 13.27b. Sink s1 is at ð8; 0Þ with sink capacitance

cgs1 ¼ 16 F; sink s2 is at ð22; 6Þ with cgs2 ¼ 10 F; sink s3 is at ð0; 10Þ with cgs3 ¼ 1 F; sink

a

b

v = s�0

Cost = 22, Skew = 0 

s1

s2

s4

s0

s3

FIGURE 13.26

An illustration of the top-down phase of the DME algorithm: Zero-skew clock tree with a total

wire length of 22 units for the example in Figure 13.23.

Topology

(a)

s1 s2 s3 s4

a b

s0 = v
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(5, 15)

(22, 6)

(8, 0)

(10, 6)

(16, 0)

(5, 11)

(1, 15)

msa

msv

(14.14, 1.86)

msb

s1

s2

cs
g

4
 = 2F

cs
g

3
 = 1F

cs
g

1
 = 16F

cs
g

2
 = 10F

s3

s4
r = 0.1W/unit
c = 0.2 F/unit

Merging tree

(b)

FIGURE 13.27

Application of DME on a 4-sink example under the Elmore delay model: (a) Abstract topology

of 4 sinks. (b) Merging segments of internal nodes a, b, and s0 ¼ v.
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s4 is at ð5; 15Þ with cgs4 ¼ 2 F. In this example, we assume unit-length wire resistance r

and unit-length wire capacitance c to be, respectively, 0:1O and 0:2 F.

The abstract topology G under which a zero-skew routing tree for the 4 sinks is to be

constructed is given in Figure 13.27a. Because the location of the clock source is not

given, the topology is a strictly binary tree; the root s0 ¼ v has two child nodes a and b,

which, respectively, connect sink pair s1 and s2 and sink pair s3 and s4.

We now consider the merging of s1 and s2 (i.e., the computation of msa). The dis-

tance between s1 and s2 is L ¼ dðls1 ; ls2 Þ ¼ 20 units. Let x � L be the distance of msa
from s1. Because the child nodes of a are sinks, the delays of the sink nodes are

t1 ¼ t2 ¼ 0 s, and the total capacitances in Ts1 and Ts2 are, respectively, CTs1
¼ cgs1 ¼

16 F and CTs2
¼ cgs2 ¼ 10 F. We can solve for x as follows:

x ¼ t2 � t1 þ r � L � ðCTs2
þ c � L=2Þ

r � L � ðc � Lþ CTs1
þ CTs2

Þ

¼ 10þ 2

4þ 16þ 10

¼ 0:4

Therefore, jes1 j ¼ 0:4 � 20 ¼ 8 units and jes2 j ¼ ð1� 0:4Þ � 20 ¼ 12 units. We com-

pute the merging segment msa by computing the intersection of the tilted rectangular

regions trrs1 and trrs2 . The tilted rectangular region trrs1 is defined by the coordinates

ð0; 0Þ, ð8; 8Þ, ð16; 0Þ, and ð8;�8Þ. Essentially, it is a Manhattan circle with its center at

ls1 ¼ ð8; 0Þ and a radius of 8 units. The tilted rectangular region trrs2 is a Manhattan circle

with its center at ls2 ¼ ð22; 6Þ and a radius of 12 units. The intersection of trrs1 and trrs2
gives us msa, which is a Manhattan arc defined by the coordinates ð10; 6Þ and ð16; 0Þ,
as shown in Figure 13.28.
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(10, 6)

(16, 0)
msa

trrs2

trrs1

(8, -8)

(0,0)

(8, 8)

(22, -6)

(22, 18)

(34, 6)

s1

s2

cs
g

2
 = 10F

cs
g

1
 = 16F

FIGURE 13.28

Computation of msa.
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If we embed the internal node a at any point on msa and connect it to s1 and s2 with

the shortest connections possible, the sink delays t1 and t2 from a under the Elmore

delay model are both 13:44 ns, which can be computed as follows:

t1 ¼ r � x � L � CTs1
þ c � x � L

2

0@ 1A
¼ 0:1 � 8 � ð16þ 8 � 0:2=2Þ
¼ 13:44 ns;

t2 ¼ r � ð1� xÞ � L � CTs2
þ c � ð1� xÞ � L

2

0@ 1A
¼ 0:1 � 12 � ð10þ 12 � 0:2=2Þ
¼ 13:44 ns

Similarly, we can compute the merging segment msb for the merging of s3 and s4.

The merging segment msb, whose endpoints are ð1; 15Þ and ð5; 11Þ, is shown in

Figure 13.27b. With shortest connections to s3 and s4 from any point on msb, the sink

delays t3 and t4 from b are both 0:96 ns.

Now, let us consider the merging of Ta and Tb. Besides r and c, the following

parameters are required to determine the location of the merging segment msv:

ta¼ t1¼ t2 ¼13:44 ns, tb¼ t3¼ t4¼ 0:96 ns, L¼dðmsa;msbÞ¼10 units, CTa¼cgs1þcgs2þ
0:2�20¼16þ10þ4¼ 30 F, and CTb¼ cgs3þcgs4þ0:2�10¼ 1þ2þ2¼ 5 F. Defining x �L
to be the distance of msv from msa and solving for x, we obtain

x ¼ tb � ta þ r � L � ðCTb þ c � L=2Þ
r � L � ðc � Lþ CTa þ CTbÞ

¼ 0:96� 13:44þ 0:1 � 10 � ð5þ 1Þ
0:1 � 10 � ð2þ 30þ 5Þ

¼ �0:175 < 0

As x < 0, it is necessary to use a wire length longer than L ¼ 10 units to balance the

delays ta and tb. We assign jeaj ¼ 0 and solve for jebj as follows:

ta ¼ tb þ r � jebj � CTb þ
c � jebj

2

0@ 1A
) 13:44 ¼ 0:96þ 0:1 � jebj � 5þ 0:2 � jebj

2

0@ 1A
) jebj ¼ 18:28 units

At this point, we have the total wire length of the zero-skew routing tree, which is

jes1 j þ jes2 j þ jes3 j þ jes4 j þ jeaj þ jebj ¼ 8þ 12þ 6þ 4þ 0þ 18:28 ¼ 48:28 units.

The merging segment msv is obtained by taking the intersection of trra and trrb, as

shown in Figure 13.29. As jeaj ¼ 0, trra is simply msa. The tilted rectangular region

trrb, whose vertices are ð�17:28; 15Þ, ð1; 33:28Þ, ð23:28; 11Þ and ð5;�7:28Þ, overlaps
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with msa ¼ trra. Consequently, the two endpoints of msv are ð10; 6Þ and ð14:14; 1:86Þ,
as shown in Figure 13.29.

Now, let us turn our attention to the top-down embedding of the internal nodes of the

topology G. Because the location of clock source s0 ¼ v is not given, we have the flexi-

bility of embedding s0 ¼ v at any point on msv. Let us consider the two endpoints of msv
for embedding:

1. We embed s0 ¼ v at location ð10; 6Þ. As jeaj ¼ 0, we also have to embed a

at the same location. As jebj ¼ 18:18 > dðlv;msbÞ ¼ 10, the snaking of wire

may be required to balance the delay. To determine lb, we use the

intersection of msb and the tilted rectangular region bounded by a

Manhattan circle whose center is lv ¼ ð10; 6Þ and radius is jebj ¼ 18:18

units. As shown in Figure 13.30, we can embed b at any point on msb,

(10, 6)

(16, 0)

(5, 11)

(1, 15)

(14.14, 1.86)

msb

msa

msv

trrb
(23.28, 11)

(5, -7.28)

18.28

18.28

(1, 33.28)

(-17.28, 15)

FIGURE 13.29

Computation of msv.
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because msb is completely contained within the tilted rectangular region

whose vertices are ð�8:28; 6Þ, ð10; 24:28Þ, ð28:28; 6Þ, and ð10;�12:28Þ.
In Figure 13.31a, we embed b at location ð5; 11Þ, which is of distance 10

units from lv. Consequently, we require a detour of length 8.28 units in the

connection from lv to lb. In Figure 13.31b, we embed b at location ð1; 15Þ,
which is of distance 18 units from lv. As a result, the connection between lv
and lb requires a snaking of length 0:28 units.

2. We embed s0 ¼ v at location ð14:14; 1:86Þ; that leaves the endpoint ð5; 11Þ
of msb as the only possible location for the embedding of b. Again, we have

to embed a at the same location as v. The corresponding routing tree is

shown in Figure 13.31c.

It is straightforward to verify that all three zero-skew routing trees in Figure 13.31

have the same wiring cost of 48:28 units.

Because DME requires an input topology, the generation of a good abstract

topology is crucial. In fact, many of the more successful approaches interleave
topology construction with merging segment computation. The Greedy-DME
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FIGURE 13.30

Embedding of internal node b.
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Three different ways of embedding the merging tree in Figure 13.27 with the same wiring cost.

The embedded routing trees in (a) and (b) require detour wirings, whereas the embedding in

(c) does not.

792 CHAPTER 13 Synthesis of clock and power/ground networks



method proposed in [Edahiro 1992] is the most successful among them. Let F

denote a forest of singletonmerging trees, each consisting of only a single sink loca-
tion. Greedy-DME iteratively finds the “nearest” pair of neighbors in F , saymsa and

msb, and constructs for the newly added parent node, say v, a merging segment

msv based on a zero-skew merge of msa and msb. To account for detour wiring,

the proximity of two merging segments is usually defined by the cost of merging

them instead of their physical distance. The merging trees rooted atmsa andmsb
in F are then replaced by a new merging tree rooted at msv. After n� 1 merging

operations, F contains a single merging tree, which also corresponds to the

abstract topology of the zero-skew routing tree. The outline of Greedy-DME is simi-
lar to that of DME except for step 2, which is amended as below:

In the Greedy-DME algorithm, it takes OðnÞ iterations to construct a zero-

skew clock tree, with each iteration involving an Oðn2Þ procedure to identify
the nearest-neighbor pair for merging. We can reduce the number of iterations

to OðlognÞ by merging several nearest-neighbor pairs simultaneously [Edahiro

1993a]. In each iteration, we construct a “nearest-neighbor graph” that main-

tains the nearest neighbor of each merging tree in F . In nondecreasing order

of distance, jF j=k (2 � k � 4) independent nearest-neighbor pairs of merging

trees are chosen from the graph for zero-skew merging. The number of merging

trees in F is reduced by a factor of 1=k after each iteration. Consequently, it

takes only Oðlogk=ðk�1ÞnÞ iterations to construct a zero-skew routing tree.
The construction of a nearest-neighbor graph in each iteration has a quadratic

time complexity. An approximate nearest-neighbor graph can be constructed in

linear time by use of the bucket decomposition method in [Edahiro 1994]. In

each iteration, the smallest square routing plane that covers all merging seg-

ments of the root nodes of the merging trees in F is uniformly partitioned

into YðjF jÞ square buckets. The routing plane and buckets are all tilted by

45 degrees, as shown in Figure 13.32. Each bucket has at most eight neighbor-

ing buckets. Assuming a uniform distribution of merging segments, the number
of merging segments in each bucket is Oð1Þ. We restrict the nearest neighbor of

a merging segment, say msv, to reside within the same bucket(s) as msv or in

the adjacent buckets as shown in Figure 13.32. Consequently, an approximate

nearest-neighbor graph can be constructed in linear time.

13.3.3.4 Bounded-skew routing

The two-phase approach taken by the DME algorithm to compute a zero-skew

tree for a prescribed topology can be extended quite naturally to handle more

general skew constraints. The BST/DME solutions developed in [Cong 1995a;

Huang 1995; Cong 1995b] for the problem of constructing a bounded-skew

2. for each merging of two subtrees Ta and Tb that are nearest neighbors in F to
form Tv do
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routing tree generalize the concept of a merging segment for zero-skew routing

to that of a merging region. In a BST/DME algorithm, a merging region contains

all candidate locations of the corresponding internal node in the bounded-skew

tree. The bottom-up process constructs a tree of merging regions (in contrast to

merging segments for zero-skew tree), and the top-down process then deter-
mines the exact locations of all internal nodes. Figure 13.33 shows the merging

regions and routing tree constructed by BST/DME for the example in

Figure 13.23 (and Figure 13.26).

The construction of the merging region for the parent node, say v, of two

sinks, say si and sj, is quite straightforward. First, we construct a bounded-skew

merging segment msþv such that tþi ¼ tþj þ B, where tþi and tþj are, respectively,

the delays from the merging segment msþv to si and sj, and B is the skew bound.

The computation of this bounded-skew merging segment is similar to that of a
zero-skew merging segment. Let L ¼ dðlsi ; lsjÞ denote the shortest Manhattan dis-

tance between lsi and lsj , and xþ � L the distance between msþv and lsi , where xþ

is between 0 and 1 if detour wiring is not necessary. Then, we solve for xþ from

the following expression:

r � xþ � L � cgs1 þ
c � xþ � L

2

� �
|fflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl{zfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl}

tþ
j

¼ r � 1� xþð Þ � L � cgsj þ
c � 1� xþð Þ � L

2

� �
|fflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl{zfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl}

tþ
j

þ B

where cgsi and cgsj are, respectively, the gate capacitances of the clock sinks si and

sj. For simplicity, we first consider the case that xþ obtained from the preceding
expression is, indeed, between 0 and 1. It is obvious that a tree that uses

msv

FIGURE 13.32

Bucket decomposition of a routing plane.
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shortest wire lengths to connect any point on msþv to si and sj would have a

maximum sink delay of tþi and a minimum sink delay of tþj , satisfying the skew

bound constraint B.

Similarly, we construct a bounded-skew merging segment ms�v such that
t�i ¼ t�j � B, where t�i and t�j are, respectively, the delays from the merging seg-

ment ms�v to si and sj. The bounded-skew merging segment ms�v should be at a

distance of x� � L from lsi . Again, assume that x� is between 0 and 1. A tree that

uses shortest wire lengths to connect any point on ms�v to si and sj would have

a minimum sink delay of t�i and a maximum sink delay of t�j . The region

bounded by msþv and ms�v within the smallest bounding box containing si and

sj is the merging region mrv.

In Figure 13.33, two merging regions mra and mrb are obtained by merging
clock sinks under the path length delay model. One can easily verify that the

bounded-skew merging segments are simply the corresponding zero-skew merg-

ing segments shifted toward or away from the corresponding clock sink.

A few important properties are associated with a merging region, say mrv,

whose two child nodes are clock sinks. By construction, x� � xþ. Now, con-
sider a Manhattan arc in mrv that is of distance between x� and xþ from si, pick

any point residing on this Manhattan arc, and construct a routing tree that connects

this point to si and sj, with the shortest wire lengths. It is fairly straightforward
to verify that such a routing tree would satisfy the skew-bound constraint B.

Moreover, all routing trees constructed in a similar mannerwith root nodes residing

on this Manhattan arc would have the same maximum sink delay and the same

mra
s2

Merging regions

(a)

s1

s0

s4

s3

mrv

mrb

Cost = 21, Skew = 2 

a

b

v

s0

s1

s4

s3

mra

s2

mrv

mrb

Bounded-skew routing by
BST/DME

(b)

FIGURE 13.33

(a) Merging regions constructed by BST/DME for the example in Figure 13.23. (b) Embedding

of internal nodes. The bounded-skew routing has a lower routing cost than the zero-skew

routing in Figure 13.26.
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minimum sink delay. Furthermore, jesi j þ jesj j ¼ dðlsi ; lsjÞ regardless of where v is

embedded withinmrv. Consequently, CTv ¼ cgsi þ cgsj þ c � dðlsi ; lsjÞ.
Now, let us consider the more complicated cases when xþ or x� may not be

between 0 and 1:

0 � x� � 1 < xþ: We force msþv to be at a distance L ¼ dðlsi � lsjÞ from si. In
other words, msþv coincides with lsj .

x� < 0 and 1 < xþ: We force ms�v and msþv to be, respectively, at distances of 0

and L from si. In other words,ms�v coincideswith lsi andmsþv coincideswith

lsj .

x� < 0 � xþ � 1: We force ms�v to be at a distance of 0 from si. In other words,

ms�v coincides with lsi .

In other words, we always force x� and xþ to be between 0 and 1. Note that as

we are merging two clock sinks, it is not possible for x� and xþ to be both less

than 0 or greater than 1. Such is not the case when we construct merging

regions for internal nodes higher up in the abstract topology.

Let two non-leaf nodes a and b be the child nodes of v. Given merging

regions mra and mrb, we follow the approach of boundary merging and embed-
ding in [Cong 1995a; Huang 1995], where mrv is constructed from the nearest

boundary segments of mra and mrb. A point p on the nearest boundary seg-

ment of mra, called a joining segment and denoted JSa, can merge with a point

q on joining segment JSb if dðp; qÞ ¼ dðmra;mrbÞ.
Suppose mra and mrb are also octilinear convex polygons as shown in

Figure 13.33. Therefore, the joining segments frommra andmrb are either paral-

lel Manhattan arcs or parallel rectilinear line segments. We will now present the

merging of two joining segments that are Manhattan arcs. As pointed out earlier,
all bounded-skew routing trees that have their root nodes embedded on JSa have

the same maximum sink delay and the same minimum delay. Let tmax
a and tmin

a

denote such delays, respectively. Similarly, tmax
b and tmin

b are defined for JSb.

Let L ¼ dð JSa; JSbÞ ¼ dðmra;mrbÞ denote the distance between JSa and JSb.

We compute a merging segment msþv such that in a routing tree obtained by

making the shortest connections from a point on msþv to JSa and JSb, the maxi-

mum and minimum sink delays in the tree are, respectively, caused by sinks in

Ta and Tb, and the skew is no greater than B. The distance of msþv from JSa can
be obtained by solving for xþ in the following equation:

tmax
a þ r � xþ � L � CTa þ

c � xþ � L
2

0@ 1A
¼ tmin

b þ r � ð1� xþÞ � L � CTb þ
c � ð1� xþÞ � L

2

0@ 1Aþ B

If xþ is between 0 and 1,msþv is at a distance of xþ � L from JSa. Similarly, we com-

pute the location of a merging segment ms�v by solving for x� in the following

equation:

796 CHAPTER 13 Synthesis of clock and power/ground networks



tmin
a þ r � x� � L � CTa þ

c � x� � L
2

0@ 1A
¼ tmax

b þ r � ð1� x�Þ � L � CTb þ
c � ð1� x�Þ � L

2

0@ 1A� B

If x� is between 0 and 1, ms�v is at a distance of x� � L from JSa.
Suppose x� and xþ are both between 0 and 1, the region bounded bymsþv and

ms�v within the smallest bounding box containing JSa and JSb is the merging region

mrv, as shown in Figure 13.34. The merging region mrv is constructed under

the path length delay model. Each Manhattan arc is associated with a pair of

numbers, the maximum and minimum sink delays from a point on that arc.

Themaximum (minimum) sink delay ofmsþv is due to some sink in Ta (Tb), whereas

the maximum (minimum) sink delay ofms�v is due to some sink in Tb (Ta).

Similar to the merging of two clock sinks, so long as x� and xþ are not both
less than 0 or greater than 1, we would always force x� and xþ to be between

0 and 1. When x� and xþ are both less than 0 or when they are both greater

than 1, detour wiring is necessary. In the former, we set jeaj ¼ 0, make mrv
coincide with JSa, and solve for jebj in the following equation:

tmax
a ¼ tmin

b þ r � jebj � CTb þ
c � jebj

2

� �
þ B

In the latter, we set jebj ¼ 0, make mrv coincide with JSb, and solve for jeaj in
the following equation:

tmin
a þ r � jeaj � CTa þ

c � jeaj
2

� �
¼ tmax

b � B

However, detour wiring may not be necessary after all. Take the case in which

x� and xþ are both less than 0, the tilted rectangular region defined by JSb and

(17,11)

(16,10)

JSa
(10,8)

(13,9)

JSb

mrv

msv

msv

-

+

FIGURE 13.34

Merging of two Manhattan joining segments JSa and JSb for a skew bound of 6. The numbers

associated with each Manhattan arc are the maximum and minimum sink delays from a point

on that arc.
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jebj actually covers more than JSa; it actually overlaps with mra. That implies

that it may actually be more economical to use interior points of mra, instead
of boundary segments, for merging. Another reason for the use of interior

points is when mra and mrb overlap. However, merging of interior points pre-

sents tremendous challenges, because every point in a merging region may cor-

respond to the merging of many different pairs of interior points from its child

merging regions.

To overcome the difficulty in the use of interior points for merging, we intro-

duce the notion of sampling segments as in [Cong 1995b]. A merging region is

represented by a set of s sampling segments, each of which is a Manhattan arc
that is parallel to the 45 degrees boundary segments of the merging region.

Such a sampling segment has the property that it has a constant maximum sink

delay and a constant minimum sink delay on any point along the segment. Fig-

ure 13.35 illustrates the concept of sampling segments under the path length

delay model. The maximum and minimum sink delays associated with each

sampling segment are also shown in parentheses.

Merging of two nodes now involves two sets of sampling segments. Clearly,

we can apply the approach for merging two joining segments outlined earlier to
accomplish the merging of two sampling segments from two merging regions.

The challenge here is that the approach would generate a set of up to s2 merg-

ing regions for the parent node. If each of these merging regions is, in turn, sam-

pled by s segments, the time and space complexity of this approach would

grow exponentially. For an efficient and practical implementation of such an

mrv

s2

s1

s3

s4

ssv
1 (5,5)

ssv
   (6,4)

ssv
3 (7,3)

Sample mrn by 3 segments
(a)

Merge s3 with sampling segments of n
(b)

s4

s1

s2

s3

R3

R2

R1

2

FIGURE 13.35

(a) Sampling of mrv (obtained from the merging of s1 and s2) with fss1v ; ss2v ; ss3vg. (b) Merging

these sampling segments with sink s3 with a skew bound of 2 units produces three merging

regions where Ri is produced by merging s3 with ssiv.
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approach, the number of merging regions associated with a node is typically

limited to a constant, say k. Each region is, in turn, sampled by s sampling seg-
ments. Therefore, the merging of two nodes will generate k2s2 merging regions.

One typical approach to pruning these k2s2 merging regions is to keep only the

best k merging regions, defined in terms of merging cost, for the parent node.

Merging with sampling segments facilitates merging of interior points.

Because 45 degrees joining segments are on the boundary of a merging region,

the skew associated with each joining segment is in general higher than the

skew associated with other sampling segments from the same merging region.

Consequently, merging of interior sampling segments may result in a larger
merging region at a parent node. In Figure 13.35, R3 is also the merging region

produced by merging mrv with s3 by use of a boundary joining segment. In this

example, R3 is smaller than R1 and R2, both of which are constructedwith interior

sampling segments. The larger R1 and R2 may lead to a reduced wiring cost at the

next merging step.

The generation of the k2s2 merging region for each node in an abstract topol-

ogy may not sound efficient. However, another benefit of the use of sampling seg-

ments in the merging process is that the merging of joining segments that are
horizontal or vertical is obviated. Under the Elmore delay model, the merging of

two parallel horizontal (or vertical) joining segments results in a merging region

that is no longer octilinear. Consequently, subsequent merging operations may

involve joining segments that are neither rectilinear line segments nor Manhattan

arcs. Moreover, the computation of such a merging region requires OðnÞ runtime

and space complexity for a subtree that contains n sinks [Cong 1995b].

Example 13.3 Bounded-SkewRouting under Elmore DelayModel: We again consider the 4-sink example

in Figure 13.27. Instead of zero-skew routing, we allow a skewbound of 2:5 ns (i.e., B ¼ 2:5

ns). First, we compute xþ and x� for the merging of s1 and s2, where xþ � dðls1 ; ls2Þ and
x� � dðls1 ; ls2Þ, respectively, denote the distances of msþa and ms�a from ls1 :

xþ ¼ Bþ r � L � ðCTs2
þ c � L=2Þ

r � L � ðc � Lþ CTs1
þ CTs2

Þ

¼ 2:5þ 2 � ð10þ 2Þ
2 � ð4þ 16þ 10Þ

¼ 0:44

x� ¼ �Bþ r � L � ðCTs2
þ c � L=2Þ

r � L � ðc � Lþ CTs1
þ CTs2

Þ

¼ �2:5þ 2 � ð10þ 2Þ
2 � ð4þ 16þ 10Þ

¼ 0:36
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where L ¼ dðls1 ; ls2Þ ¼ 20 units. We show the merging segments msþa and ms�a in

Figure 13.36. The shaded region bounded by msþa and ms�a is the merging region

msa, whose vertices are ð9:17; 6Þ, ð10:83; 6Þ, ð16:83; 0Þ; and ð15:17; 0Þ.
To compute the merging region of b, we define xþ � dðls3 ; ls4Þ and x� � dðls3 ; ls4Þ to be

the distances of msþb and ms�b from ls3 , respectively. We obtain xþ ¼ 1:1 and x� ¼ 0:1.

Because xþ > 1, we force xþ ¼ 1. In other words, msþb coincides with ls4 . We also show

the merging segments and merging region of b in Figure 13.36.

Now, we consider two different ways to merge a and b. First, we consider the case of

merging a and b with joining segments from mra and mrb that are closest (i.e.,

dðJSa; JSbÞ ¼ dðmra; mrbÞ ¼ 8:17 units). In this case, JSa is simply the point ð9:17; 6Þ
and JSb is ð5; 10Þ. For JSa, we have the following parameters: tmax

a ¼ t2 ¼ 14:48 ns,

tmin
a ¼ t1 ¼ 11:98 ns, and CTa ¼ 30 F. For JSb, we have tmax

b ¼ t4 ¼ 1:25 ns,

tmin
b ¼ t3 ¼ 0:75 ns, and CTb ¼ 5 F. Letting L ¼ dðJSa; JSbÞ and defining xþ � L and

x� � L to be the distances of msþv and ms�v from JSa, respectively, we obtain xþ and

x� as follows:

xþ ¼ tmin
b � tmax

a þ Bþ r � L � ðCTb þ c � L=2Þ
r � L � ðc � Lþ CTa þ CTbÞ

¼ 0:75� 14:48þ 2:5þ 0:817 � ð5þ 0:817Þ
0:817 � ð1:63þ 30þ 5Þ

¼ �0:22;

x� ¼ tmax
b � tmin

a � Bþ r � L � ðCTb þ c � L=2Þ
r � L � ðc � Lþ CTa þ CTbÞ

¼ 1:25� 11:98þ 2:5þ 0:817 � ð5þ 0:817Þ
0:817 � ð1:63þ 30þ 5Þ

¼ �0:28
Because both xþ and x� are negative, we force jeaj ¼ 0 (i.e., msv is JSa). Then, we

compute jebj with the following equation:
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FIGURE 13.36

Merging regions of internal nodes a and b.
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tmax
a ¼ tmin

b þ r � jebj � CTb þ
c � jebj

2

0@ 1Aþ B

) 14:48 ¼ 0:75þ 0:1 � jebj � 5þ 0:2 � jebj
2

0@ 1Aþ 2:5

) jebj ¼ 16:81 units

Because dðJSa; JSbÞ ¼ 8:17 units, a detour wiring of length 8:64 units is required.

Figure 13.37 shows the bounded-skew routing tree constructed accordingly. The total

wire length of the routing tree is 46:81 units.

Now, we consider the case of merging a and b with sampling segments from mra and

mrb. For any merging region mr, we always include as sampling segments the merging

segments msþ and ms�, which are Manhattan arcs that define the boundary segments

of mr. In Figure 13.38, which shows the sampling of mra and mrb, it is clear that msþa ,
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4.32
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FIGURE 13.37

A bounded skew routing tree constructed based on the merging of the nearest boundary

segments.
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FIGURE 13.38

Sampling of the merging regions mra and mrb.
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ms�a , msþb , and ms�b have been included as sampling segments ss1a, ss
3
a, ss

1
b, and ss4b,

respectively. Each merging region has a subregion whose clock skew among its sinks

is the smallest. Sampling of such a subregion is desirable, because it usually leads to

a larger merging region at the parent node. In this example, both mra and mrb contain

the zero-skew merging segments, which are included as sampling segments ss2a and

ss3b. We also include sampling segments that contain the joining segments. Conse-

quently, ss2b is a sampling segment of mrb. It is important to note that all sampling seg-

ments from a single merging region have the same wiring cost.

Now, we perform the pairwise merging of ssia and ss j
b, for i 2 f1; 2; 3g and

j 2 f1; 2; 3; 4g. It turns out that in every pairwise merging, jeaj ¼ 0 and detour wiring in

eb is required. Table 13.1 shows the different combinations of jebj, tmax
v , and tmin

v

obtained by these pairwise merging operations. It should be evident from Table 13.1 that

the tmax
v and tmin

v values satisfy the skew-bound constraint of 2:5 ns in all cases.

Because eb requires detour wiring, the merging regions obtained in these pairwise

mergings overlap with the sampling segments ssia. Each of these merging regions (or

regions that degenerate into segments) is obtained by taking the intersection of trrb (con-

structed from the respective ssjb and jeaj) and ssia (see Section 13.3.3.3). The coordi-

nates of the merging regions of v are given in Table 13.2. It is important to note that

Table 13.1 WiringCosts andSinkDelaysObtained byPairwiseMerging of Sampling

Segments frommra andmrb.

ss1a ss2a ss3a

|eb| tmax
v

(ns)
tmin
v

(ns)
|eb| tmax

v

(ns)
tmin
v

(ns)
|eb| tmax

v

(ns)
tmin
v

(ns)

ss1b 17.57 14.48 11.98 16.33 13.44 10.94 18.07 14.91 12.41

ss2b 16.81 14.48 11.98 15.55 13.44 10.94 17.32 14.91 12.41

ss3b 16.56 14.48 11.98 15.29 13.44 10.94 17.08 14.91 12.41

ss4b 17.70 14.48 11.98 16.46 13.44 10.94 18.20 14.91 12.41

Table 13.2 Merging Regions Obtained by Pairwise Merging of Sampling Segments

frommra andmrb.

ss1a ss2b ss3b

ss1b (9.17,6)–(11.87,3.30) (10,6)–(11.66,4.34) (10.83,6)–(12.95,3.88)

ss2b (9.17,6)–(13.49,1.68) (10,6)–(13.27,2.73) (10.83,6)–(14.58,2.25)

ss3b (9.17,6)–(12.86,2.30) (10,6)–(12.64,3.36) (10.83,6)–(13.95,2.88)

ss4b (9.17,6)–(11.43,3.73) (10,6)–(11.23,4.77) (10.83,6)–(12.52,4.32)
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only when detour wiring occurs does the computation of a degenerate merging region

from sampling segments resemble the computation of a zero-skew merging segment.

Recall that detour wiring is required for bounded-skew merging only when xþ and x�

are both greater than 1 or both less than 0. Figure 13.39 shows the construction of 4

merging regions of v by merging ss2a with all 4 sampling segments of mrb. For ease of

reference, we refer to the respective tilted rectangular region of sampling segment ssjb
as trrjb and the resultant merging region as mrjv in the illustration.

Among these, the merging of ss2a and ss3b results in the lowest jebj and, hence, a min-

imum-cost bounded-skew tree. Figure 13.40 shows the results of embedding v at two

different locations in the merging region mr3v obtained from the merging of ss2a and ss3b.

In Figure 13.40a, v is embedded at ð12:64; 3:36Þ, an endpoint of the merging region

mr3v . Consequently, that leaves ð5; 11Þ as the only possible location for the embedding of

b. When we embed v at ð10; 6Þ, the possible locations for the embedding of b lie on the

Manhattan arc defined by ð2:36; 13:64Þ and ð5; 11Þ. Figures 13.40b,c show the results of

embedding b at these two endpoints. As the embedding location of b moves from

ð2:36; 13:64Þ to ð5; 11Þ, the amount of snaking increases. All three embedded routing

trees have the same total wiring cost of 45:29 units, which is lower than those of the

bounded-skew routing tree in Figure 13.37 and the zero-skew routing trees in

Figure 13.31.
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FIGURE 13.39

Construction of merging regions of v by merging ss2a with all 4 sampling segments of mrb.
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Bounded-skew routing trees constructed based on the merging of sampling segments.
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Suppose v is not the clock source. It may be necessary to keep only a subset of the

12 merging regions for the construction of merging regions of the parent node of v. If we

allow each node to be associated with only 3 merging regions, mr1v , mr2v , and mr3v would

be chosen on the basis of their lower merging costs. Although these merging regions

overlap, it is important to note that they would now have different CTv ’s, which could play

an important role in determining the merging regions (and their associated merging

costs) of the parent node.

For the generation of an abstract topology, we can take an approach similar

to that of the Greedy-DME algorithm, with various acceleration methods
incorporated. Indeed, the Greedy-BST/DME algorithm in [Huang 1995] is very

similar to the Greedy-DME algorithm. However, the Greedy-BST/DME algorithm

has the added flexibility that it allows merging of two subtrees at non-root

nodes, whereas Greedy-DME always merges two subtrees at their root nodes.

Merging with non-root nodes is an effective topology optimization method. In

fact, it very closely matches the performance of the best-known heuristics for

both the zero-skew and infinite-skew limiting cases (i.e., Steiner routing).

Consider, for example, a clock network with eight sinks that are equally
spaced on a horizontal line, as shown in Figure 13.41. Although the embedding

is not shown here, it can be easily verified that the abstract topology to the left,

which is obtained by the merging of T1 and T2 at their root nodes, can be embed-

ded to produce a minimum-cost zero-skew tree. Although T1 and T2 are them-

selves ideal topologies for low-cost embedding for large skew bound B, the

merging of them at their root nodes is quite costly (see the embedding following

the abstract topology). The reason is that the root nodes (embedded at locations

labeled “3” and “6,” which correspond to the locations of sinks s3 and s6) are
quite far apart. If we adjust the subtree topology such that the roots of subtrees

become closer (see the abstract topology and embedding to the right), the over-

all tree cost would be reduced. Here, the root nodes of the adjusted topologies T1
and T2 are embedded at locations labeled “4” and “5” (or ls4 and ls5 ).

r

T1 T2

1 2 3 4 5 6 7 8 1 2 3 4 5 6 7 8

r

T�1 T�2

FIGURE 13.41

An example showing that given skew bound B� 0, changing the subtree topology before

merging will reduce the merging cost.
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Figure 13.42 illustrates in more detail how the tree topology is adjusted. To

move the root node r to some tree edge, say eu ¼ uv, we traverse along the path

from r to v. For each edge encountered along the top-down path traversal, we

delete the edge and merge the two appropriate subtrees off the deleted edge.

To remove the left edge of r, for example, we merge subtrees labeled “3” and
“4.” This newly merged tree of “3” and “4” is then combined with the subtree

labeled “2” for the deletion of the parent edge of v. This tree is then merged

with the subtree labeled “1” such that the new root node r0 breaks the edge

uv. Effectively, we have relocated the root node to be closer to the subtree

labeled “1.”

The re-rooting approach relocates r to uv by remerging appropriate subtrees

along the path from r to v. Hence, we also know the merging region

corresponding to the bounded-skew tree rooted at the parent edge of v. Indeed,
a careful examination of the approach would reveal that a simple OðnÞ top-
down traversal of the abstract topology rooted at r would compute all merging

regions corresponding to the relocation of the root node to all tree edges in the

topology.

To incorporate such a feature in the Greedy-BST/DME algorithm, each node

v in an abstract topology G (in the forest F ) is associated with two merging

regions, denoted as mrv and mrev . The former merging region mrv is the merg-

ing region constructed for v on the basis of the sub-topology rooted at v in G.
The latter merging region mrev is the merging region if the root node of G is

relocated to the parent edge of v in G (i.e., ev).

To identify in F the nearest neighbor of G, whose root node is r, we consider

mrr for the root node, as well as mrev for all other nodes v in G. In other words,

some other topologies in F , possibly rerooted as well, may be closer to G after G

is rerooted. In the example given in Figure 13.41, the nearest neighbors of the

sub-topologies T1 and T2 are mres4 and mres5:
Consequently, the construction of the nearest neighbor graph in Greedy-

BST/DME always involves n nodes, because all nodes in all the sub-topologies

in F participate in the identification of the nearest neighbors. We will examine

the complexity of the Greedy-BST/DME algorithm in one of the exercises.

1 2
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1 2

3
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r �
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FIGURE 13.42

Repositioning the root in changing the topology.
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13.3.3.5 Useful-skew routing

The useful-skew routing problem refers to the problem of synthesizing a clock

routing that satisfies all specified general clock skew constraints (i.e., setup and

hold-time constraints). There is a variant of the useful-skew routing problem

that deals with a prescribed clock schedule (i.e., all skew constraints are equal-

ity constraints instead of being bounded from above and below). Such a variant
can be solved by a simple modification of the zero-skew routing algorithm. In

the sequel, we deal with the more general problem where we maintain the flex-

ibility of skew scheduling throughout the process of constructing a useful-skew

clock routing tree [Xi 1996; Taso 2002].

In Section 13.3.3.1, we have already introduced some concepts that would

be of crucial importance to useful-skew routing, namely, the feasible-skew range

for a pair of clock sinks, the commitment of the skew of a pair of clock sinks,

and the incremental updates of the remaining feasible skew ranges after a skew
commitment. Now we will show how these concepts interact with a clock tree-

embedding algorithm, called UST/DME [Tsao 2002].

Because the clock skews are also constrained to lie within a range specified

by some upper and lower bounds, as in the case of bounded-skew constraint in

bounded-skew routing, the underlying concept of the merging region in the

UST/DME algorithm is the same as that in the BST/DME algorithm. However,

the interaction of merging regions and incremental scheduling introduces a

problem not encountered before. In BST/DME, when a merging region of a par-
ent node is computed from two sampling segments of the child nodes, it implies

that we have committed to some maximum and minimum sink delays associated

with the sampling segments. However, the commitment does not affect the

skew-bound constraint, because they are being applied to all pairs of clock

sinks. That is not the case in useful-skew clock routing; a skew commitment

in one subtree affects the feasible skew ranges of clock pins in another.

Therefore, the first step of the UST/DME algorithm is the construction of a

constraint graph GC from the given skew constraints C, and the second step is
the computation of an all-pairs shortest distance matrix D ¼ fdi; j : si; sj 2 Sg
from GC to represent all feasible skew ranges FSRi;j ¼ ½�di; j;dj; i�. As before,

now we consider the merging of two nodes a and b, whose parent node is v

in the given abstract topology G. In other words, we construct the merging

regions mrv on the basis of mra and mrb. Here, we assume that a and b are

not leaf nodes. Otherwise, the merging of them is similar to the merging of

two leaf nodes in BST/DME. Let the two subtrees of a be Ta;l and Ta;r and the

two subtrees of b be Tb; l and Tb; r.
To overcome the difficulty highlighted in the preceding paragraph (as well as

the difficulties in the use of boundary segments for merging), we use a set of

sampling segments to represent a merging region as in the case of BST/DME.

The advantage of such a restriction is that skewi;j for any pair of clock pins si
and sj in the subtree (rooted by the sampling segment) is a constant value,

say x 2 FSRi; j. We also associate each sampling segment with the leftmost clock
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sink in its subtree. In other words, each sampling segment is associated with the

delay to its leftmost clock sink.
Let ssa be a sampling segment in mra and si and sj be the representative

clock pins of Ta; l and Ta; r, respectively. Because a skew commitment of

skewi;j ¼ x changes FSRk;h for the representative clock pins sk and sh in Tb; l
and Tb; r, respectively, we update matrix D and recompute the merging region

mrb on the basis of the updated FSRk;h. The updated merging region mrb is

then sampled by s sampling segments, each of which is merged with ssa to com-

pute a merging region mrv for v such that the skew between si, the representa-

tive clock pin of Ta and sk, the representative clock pin of Tb is feasible (i.e.,
skewi; k 2 FSRi; k). The computation of the merging region mrv is facilitated by

the associated sink delays of the two sampling segments involved.

The preceding procedure will no doubt prompt the following questions:

1. Do we have to associate a sampling segment from mra with the delays to

all sinks in its subtree instead of just the delay to the representative clock

pin?

2. Does mrv, which satisfies the constraint skewi;k 2 FSRi;k, ensure that

skewi0; k0 2 FSRi0; k0 for all si0 2 Ta and sk0 2 Tb in the new tree Tv?

The answers to these questions are related. As mentioned in Section 13.3.3.1, it

takes at most n� 1 skew commitments to the incremental skew scheduler to

determine a feasible skew schedule. First, we observe that for each subtree T

whose root node has a nondegenerated merging region (i.e., not a Manhattan

arc) there have been jSðTÞj � 2 skew commitments made, where SðTÞ is the

set of sinks in T . When we merge two sinks, for example, we have not made

a skew commitment; otherwise, we would have obtained a degenerated merging
region (i.e., a Manhattan arc). In other words, the subtree containing the two

sinks has not made any skew commitment. The selection of a sampling segment

from mra (for the purpose of merging) is equivalent to committing the skew

between the representative clock pins of Ta;l and Ta; r. Consequently, we have

now made jSðTaÞ � 1j skew commitments in Ta. In other words, all skews of

sink pairs in Ta have been determined. Therefore, knowing the delay from ssa
to the representative clock sink in Ta would allow us to construct all the delays

to other clock sinks in Ta. Note that the merging of Ta with Tb would mean that
we obtain a tree Tv with jSðTaÞj þ jSðTbÞj � 2 ¼ jSðTvÞj � 2 skew commitments.

To answer the second question, recall that we made an analogy between

skew commitments and spanning tree construction for the complete graph

representing D. Under the spanning tree analogy, one should realize that

the spanning tree is built in a distributive fashion similar to that in Kruskal’s

algorithm [Cormen 2001]. Initially, all vertices are considered as singleton com-

ponents (from the perspective of the eventual spanning tree). As skew commit-

ments are made, connected components (which are also trees) are being joined.
In each connected component, the skew between any pair of clock sinks has

an equality constraint. Now, consider the merging of ssa with ssb (i.e., the
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construction of a merging region that satisfies �di; k � skewi; k � dk; i). Because

skewi; i0 is now committed for any si0 2 Ta,

�di; k � skewi; k ¼ skewi; i0 þ skewi0; k � dk; i

or

�di;k � skewi; i0 � skewi0;k � dk; i � skewi; i0

The differences between the upper and lower bound constraints of skewi;k and

skewi0; k are exactly the same: dk; i þ di; k.

The construction of the merging region requires the computation of two

Manhattan arcs as the boundary segments of the merging region. Let

L ¼ dðssa; ssbÞ, tai be the sink delay of si in Ta, and tbk be the sink delay of sk
in Tb. Note that for any sink si0 2 Ta, t

a
i0 ¼ tai � skewi; i0 . Then, assuming that

0 � x � 1, the construction of mrv on the basis of the delays of si0 and sk, as
well as the skew constraints of skewi0;k, is equivalent to finding a suitable range

of x such that

�di;k � skewi; i0 � tai � skewi; i0 þ r � x � L � CTa þ
c � x � L

2

0@ 1A�
tbk þ r � ð1� xÞ � L � CTb þ

c � ð1� xÞ � L
2

0@ 1A0@ 1A
� dk; i � skewi; i 0 :

Eliminating skewi; i0 from the preceding expression, we obtain

�di;k � tai þ r � x � L � CTa þ
c � x � L

2

0@ 1A�
tbk þ r � ð1� xÞ � L � CTb þ

c � ð1� xÞ � L
2

0@ 1A0@ 1A � dk; i

the inequalities necessary for the construction of merging region mrv from si
and sk, the respective representative clock sinks of Ta and Tb. Consequently,

merging regions constructed on the basis of different pairs of clock sinks from

Ta and Tb coincide exactly.

Figure 13.43c shows the tree of merging regions and the useful skew tree

that corresponds to the skew commitment skew1; 2 ¼ �3 in Figure 13.21c. First,
mra (shaded) is constructed on the basis of themerging of s1 and s2. The skew from

any points inmra to s1 and s2 falls in the range ½�7;�3� 	 FSR1;2 ¼ ½�9;�3� and is,
therefore, feasible. Next,mrb is constructed from the merging of ssa 2 mra and s3.

Note that b is also the singleton child node s00 of s0. The skew schedule realized by

the UST/DME tree under the path length delay model is ft1 ¼ 6; t2 ¼ 9; t3 ¼ 8g,
which is feasible subject to the constraints given in Figure 13.21. In contrast,we also

show a bounded-skew tree with B ¼ 1 in Figure 13.43b.
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For topology generation, we can follow the approach of Greedy-DME. One
might be tempted to incorporate the flexibility that Greedy-BST/DME has in

allowing merging of subtrees with non-root nodes. However, such a feature will

significantly increase the computational complexity. Construction of mrev , as

defined in the Greedy-BST/DME algorithm, would require the incremental

scheduler to uncommit skew commitments made in the previous merging

steps. However, that would entail rebuilding the matrix D, which has an

Oðn3Þ complexity.

s1 s2 s3

a

s0

b

Topology
(a)

mrb

s1

s3

s0

mra

b

a

BST/DME tree B = 1
(b)

ssa s2

mra ssa

s1

s2

UST/DME tree
(c)

s3

s0

b

a mrb

FIGURE 13.43

(a) An abstract topology G. (b) The merging tree and bounded-skew tree with B ¼ 1 by BST/

DME for G. (c) The merging tree and useful-skew tree by UST/DME for topology G subject to

the skew constraints given in Figure 13.21.
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13.3.4 Clock tree optimization

In the preceding section, we focus mainly on the problems of skew scheduling
and clock routing, which take into account the timing and wiring aspects of

clock network synthesis. As pointed out in Section 13.2, there are other impor-

tant design aspects of a clock network. This section examines other clock

network optimization techniques that address some of these design considera-

tions. Buffer insertion, for example, helps to further improve the timing charac-

teristics of clock signals. Instead of repeating gates (i.e., buffers), clocking

control gates can be inserted to turn off flip-flops and their ensuing combina-

tional logic modules when these modules are not required. Besides helping to
improve the delay of a clock signal, sizing of buffers and wires can also be very

effective in countering skews unintentionally introduced because of variations

in manufacturing parameters. Moreover, to further enhance the tolerance of a

clock tree to process variations, cross-links can be inserted to provide alternative

paths for the clock signal to arrive at selected clock sinks.

13.3.4.1 Buffer insertion in clock routing

To drive a large load such as a clock tree, a possible solution is to use cascaded

drivers that are of exponentially increasing sizes [Lin 1975]. However, the area

requirement and power consumption of such drivers can be prohibitively high.

A common solution to this is to break a large clock tree into multiple smaller

trees, each driven by a buffer.

As shown in Figure 13.44a, a clock driver/buffer b is modeled as a switch-

level RC circuit with a gate capacitance Cb, an output resistance Rb, and an

intrinsic delay Tb caused by parasitics capacitance (¼ Tb=Rb) associated with
the transistors. A buffer inserted in a long interconnect shields the downstream

capacitance Cdown after the output of the buffer from the upstream resistance

Rup before the gate input of the buffer as shown in Figure 13.44b. However, it

presents a load of Cb, in addition to the capacitance of the upstream intercon-

nect, denoted Cup, to the upstream resistance. The new Elmore delay is

RupðCup þ CbÞ þ Tb þ ðRb þ RdownÞCdown

If RupCb þ Tb þ RbCdown < RupCdown, the insertion of the buffer reduces the

overall delay of the long interconnect.

Clearly, buffer insertion can play an important role in minimizing the clock

phase delay, which is defined as the maximum among the sink delays. Even

when delay minimization is not the main goal of clock tree synthesis, buffer

insertion may help in reducing the overall wiring cost. In zero-skew routing,

for example, it is always desirable to merge two subtrees with similar sink
delays; when the sink delays differ greatly, wire snaking (see Figure 13.25) is

commonly used to balance them by making a faster clock signal path slower.

With buffer insertion, the slower clock signal path can be made faster, thereby

eliminating the need for wire snaking. Moreover, compared with a clock tree
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with drivers only at the root node, it is easier to satisfy the rise/fall time con-

straints with a buffered clock tree.

With buffer insertion, clock power can also be reduced because of the

reduced load presented to the clock driver and intermediate clock buffers. It
is no longer necessary to have huge clock drivers, which add to the power con-

sumption. The reduction of capacitive load also reduces the current flowing

through the clock driver, improving the reliability of the interconnects near

the driver output. Moreover, the current demand is now more evenly

distributed across the entire chip, potentially reducing the current-induced

noise in the power supply network.

The buffered clock tree construction algorithm in [Vittal 1995] is an exten-

sion of the Greedy-DME algorithm to consider the insertion of intermediate
clock buffers during the construction of a zero-skew routing tree. In each merg-

ing step, three sets of possible locations for embedding an internal node of the

abstract topology are computed. One of the three sets is the merging segment

as in the case of DME. The other two sets correspond to the possible locations

of the internal node when a buffer is inserted to drive one of the child subtrees.

Consider two subtrees Ta and Tb rooted at a and b, respectively, as shown in

Figure 13.45. The merging segment msv of v, the parent node of a and b, can be

computed as in the DME algorithm, and it corresponds to the feasible locations
of v when no buffer is inserted.

buffer

Buffer model
(a)

Cb

Rb

Tb /Rb

Cup + Cdown

Rup + Rdown buffer insertion

Buffer insertion
(b)

Rup

Cup

Rdown

Cdown

FIGURE 13.44

(a) A switch-level model for a clock buffer/driver. (b) The insertion of a buffer to break up a long

interconnect.
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A buffer may be inserted at v to drive only Ta, but not Tb, through ea, as shown
in Figure 13.45a. The Manhattan arc Va, as shown in Figure 13.45c contains the

set of feasible locations of v when zero-skew is achieved for such a buffer loca-

tion. Alternatively, the buffer may be inserted at a as shown in Figure 13.45b,

and the Manhattan arc V 0a, as shown in Figure 13.45c, corresponds to the set of

candidate locations of v for this alternate buffer location. In this example, the

insertion of a buffer at v results in a longer sink delay than inserting the buffer

at a. Consequently, a is closer to Va than to V 0a.
Because Va and V 0a represent the locations of v when a buffer is inserted at the

extreme possible locations (at the start and end of edge ea, respectively), the “merg-

ing” region mrva bounded by Va and V 0a corresponds to all possible locations of v

when the buffer is inserted at any point along ea. It is important to note that the

region defined by a and Va in Figure 13.45c contains the possible locations for

buffer insertion along ea. Also note that jeaj depends on the buffer position.

Similarly, a buffer may be inserted to drive Tb alone. The merging region

mrvb in Figure 13.45c captures the set of feasible locations to embed v when

a b

v
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ea

a b

v

(b)

ea

b

a

(c)

Va

mr
Va

mr
Vb

msv
aV �

FIGURE 13.45

Insertion of a buffer at different locations along the edge ea to drive Ta alone.
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a buffer is inserted to drive Tb. Although not shown here, it is possible that

mrva , mrvb , and msv may overlap and that their relative positions may vary.
Moreover, we can construct merging segments/regions on the basis of other

buffering combinations; we may, for example, insert buffers into a and b

simultaneously.

In all of these merging operations, it is important to distinguish between the

total capacitance of a subtree and the capacitance of a DC-connected subtree.

Consider the buffered interconnect in Figure 13.44b. There are two DC-

connected subtrees, with one being the upstream of the buffer and the other

being the downstream of the buffer. The total capacitance of the buffered inter-
connect is Cup þ Cdown þ Cb,

2 whereas the capacitance of the DC-connected

subtree corresponding to the upstream of the buffer is simply Cup þ Cb. In many

of the equations for computing merging segments/regions in Section 13.3.3, CTa

and CTb are, in fact, the capacitances of the DC-connected subtrees rooted at a

and b, respectively. For quantifying the wiring cost of the entire clock tree, we,

of course, use the total capacitance of the tree. For clarity, we will use Ctot
Ta

to

denote the total capacitance of the tree rooted at a.

The buffered clock tree construction algorithm follows the flow of the
Greedy-DME algorithm with the following modifications. Instead of the use of

only wire length to define merging cost, the cost of merging is a weighted com-

bination of multiple factors such as total wire length, total buffer size, and rise

time. As each internal node has multiple sets of feasible locations for its embed-

ding (as in the case of BST/DME and UST/DME), the sink delays are not deter-

mined when these feasible locations are computed. The sink delays are

determined at the next level of the merging step when the respective merging

segments or merging regions (or sampling segments for ease of implementa-
tion) of the two sibling nodes that yields locally minimum zero skew merging

cost are selected. Besides considering buffering in a merging operation, a buffer

can also be inserted to drive the merged subtree if the sinks of the subtree do

not have sharp clock edges (i.e., long rise/fall time).

Most buffered clock tree construction algorithms place an upper-bound con-

straint on the difference in the numbers of buffers in any two source-to-sink

paths in a clock tree. This is a preventive measure to minimize the effects of var-

iations in the electrical parameters of clock buffers on the clock delays and,
hence, the clock skew of the two paths. In the most restrictive case, all

source-to-sink paths go through the same number of buffers. Moreover, buffers

inserted at the same level are of the same size. Although these restrictions may

affect the optimality in terms of signal delay and total wire length, they greatly

reduce the sensitivity to process variations of clock skew.

One example of such algorithms is that in [Chen 1996], where instead of

considering buffer insertion at each merging step as in [Vittal 1995], buffers

2For simplicity, we have ignored the parasitic capacitance intrinsic to the buffer.
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are inserted at the roots of all subtrees simultaneously. Recall that in DME, we

maintain F , a forest of subtrees. Starting with a forest of singleton subtrees, sev-
eral iterations of DME-based zero-skew merging are performed until jF j has been
reduced by 2k for some k, which is determined on the basis of the clock buffer

strength. The stopping criterion could also be based on the rise/fall time con-

straint or the maximum capacitance of the subtrees in F . At this point, buffers

are inserted at the roots of all subtrees in F . This is akin to clustering of nodes,

followed by buffer insertion to drive each cluster.

An inserted buffer may not be connected to the root node directly. Instead, a

wire may be used to connect from the buffer output to the root of the subtree
such that all subtrees in S have equal sink delay. In other words, the root node

of a subtree may have a tilted rectangular region to represent the set of possible

locations for the inserted buffer. A future merging step that involves such a sub-

tree will then be based on a tilted rectangular region instead of a merging

segment.

Remark: Post-Silicon Tunable Buffers: Skews induced by process variations can

result in significant yield loss. To address this problem, circuit designers have

deployed so-called post-silicon tunable (PST) circuitry in modern commercial
processor chips such as Intel P4 and Itanium [Geannopoulos 1998; Tam 2000].

The concept of post-silicon tuning is illustrated in Figure 13.46, where some of

the clock buffers are delay-tunable. The delay of any of these buffers can be adjusted

by activating an appropriate number of capacitors between the two inverters that

form the buffer (see the schematic of a delay-tunable buffer in Figure 13.46). The

post-silicon adjustment can be performed dynamically with on-chip de-skew

delay-tunable buffer
(PST buffer)

Control

D Q D Q D Q D Q

FIGURE 13.46

A clock tree with post-silicon tuning circuitry.
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circuitry, whereas a fuse-based solution allows only one-time adjustment. Other

post-silicon tunable techniques involve voltage biasing of the buffers.

13.3.4.2 Clock gating

So far, we have considered designs in which all clocked modules always receive

a clock signal. However, for modules that are idle, it is not necessary to send

them a clock signal. Suppose we isolate the modules from the clock source

when they are in the idle mode, then the power consumption caused by the

capacitance of the clock pins in these modules can be reduced. Moreover,

because the flip-flops in these modules are not triggered, the output nodes of

these flip-flops retain their values throughout the idle period. Consequently,
the combinational logic following these flip-flops does not have any switching

activity during the idle period. In other words, there is no active power con-

sumed by idle modules. This is the clock-gating technique presented in Section

13.2.4.

In clock gating, clocking control gates (or clock gates) are inserted along

with buffers in a clock tree. Consider for example a clock tree as shown in

Figure 13.47, where internal node v is a candidate buffer/gate location. The

activity pattern associated with each node over 6 time units is also shown, with
a dark square indicating that the node should be active in this time unit and an

empty square indicating an idle time unit. Note that a time unit could be multi-

ple clock cycles. The activity pattern of an internal node is derived from the

activity patterns associated with its child nodes. With a “1” to indicate an

active time unit and a “0” to indicate an idle time unit, the bitwise-OR of

the activity patterns of two child nodes generates the activity pattern of the par-

ent node. Node v, for example, is active when at least one of its child nodes

(i.e., a and b) is active, as shown by the respective activity patterns in
Figure 13.47.

source
active

idle

activities of
clocked

elements

candidate gate/buffer
locations

v

a
b

x

FIGURE 13.47

A clock tree topology with activity patterns for modules and candidate buffer/gate locations.
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The gated clock tree as shown in Figure 13.48 is the result of inserting two

clock gates in the clock tree given in Figure 13.47. The clock gate at v must be

active and allow the clock signal to propagate through when at least one of its

sinks (i.e., a or b) is active. Therefore, a gating-signal control logic module that

generates control signals to turn on or off the clock gates is required.

Although clock gating reduces dynamic power, it has an overhead of the gat-

ing-signal control logic. Moreover, as long as the clock signal arrives at a clock gate,
the clock gate contributes to power consumption because of its gate capacitance

or the switching of its internal nodes. The other downside of clock gating is the

clock skew caused by a clock gate. These are the main issues handled by gated-

clock synthesis algorithms in [Téllez 1995; Oh 2001; Chen 2002; Chao 2008].

To construct a zero-skew gated-clock tree, let us again assume that we are

given an abstract topology. The tasks here are to embed the internal nodes

and to determine where buffers and clock gates should be inserted. We will

now describe an adaptation and simplification of the approaches described in
[Téllez 1995; Oh 2001; Chen 2002; Chao 2008]. The approach also closely

resembles that for the construction of a buffered clock tree. Again, let v be

the parent node of nodes a and b. When we merge subtrees rooted at a and

b, we allow the following three choices at the root of ea:

1. No buffer or clock gate is inserted at the root of ea.

2. A buffer is inserted at the root of ea.

3. A clock gate is inserted at the root of ea. Here, we assume that similar to a

buffer, a clock gate is also modeled with a switch-level RC model with

gate capacitance Ccg, output resistance Rcg, and intrinsic delay Tcg.

We similarly afford the three choices at the root of eb. There are, therefore, alto-

gether 9 different ways of merging a and b, resulting in 9 zero-skew merging

segments. As in all other methods that generate multiple merging segments/

sampling segments when merging two subtrees, it is prudent to keep only a

source

clocked
elements

v

a
b

control
logic x

FIGURE 13.48

A gated clock tree, with two inserted clocking control gates.
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fixed number of sampling segments at each internal node. It is typical that the

subset of sampling segments retained at each internal node is selected on the
basis of the merging cost, which has to be modified significantly to account

for dynamic power reduction.

Without clock gating, the power consumption of a clock tree can be

obtained directly from the wiring cost (and buffering cost if buffer insertion is

considered). With the insertion of a clock gate, the switching activity of the sub-

tree after the clock gate is greatly reduced. Consider node v in Figure 13.48, the

capacitance C tot
Tv

after the clock gate switches only a third of the time. In a non-

gated-clock tree, the power consumption of the subtree rooted at v has a
dynamic power of C tot

Tv
V 2
DD fclk, whereas the gated subtree in Figure 13.48 has

a dynamic power of only C tot
Tv

V 2
DD fclk=3. We call C tot

Tv
=3 the effective switching

capacitance of the subtree rooted at v, with the coefficient of a third being

the activity factor, denoted av.
In the synthesis of a gated-clock tree, the minimization of the effective

switching capacitance of the entire clock tree is the main objective. To compute

the effective switching capacitance of a subtree, we decompose the total capaci-

tance of the subtree into two parts, gated capacitance and ungated capacitance.
Take node x in Figure 13.48 for example—its gated capacitance, denoted GCTx , is

C tot
Tv

. The ungated capacitance of x, denoted UGCTx , is C
tot
Tx
� GCTx ¼ C tot

Tx
� C tot

Tv
.

Let the effective switching capacitance of the gated capacitance be GC
eff

Tx
,

which in this example is C tot
Tv

=3. Then, the effective switching capacitance at x,
denoted C

eff

Tx
, is UGCTx þ GC

eff

Tx
.

If we insert a buffer at x, the ungated capacitance, as well as the effective

switching capacitance, at x are increased by the gate capacitance of the buffer

Cb. If instead of a buffer, we insert a clock gate at x, the gated capacitance would

be increased by UGCTx, whereas the ungated capacitance at x reduces to simply

Ccg, the gate capacitance of the clock gate. Moreover, the effective switching

capacitance at x is reduced by ð1� axÞUGCTx � Ccg. The following ordered opera-

tions update these capacitances correctly when a clock gate is inserted at x:

1. C tot
Tx
 C tot

Tx
þ Ccg;

2. GCTx  GCTx þ UGCTx ;

3. GC
eff

Tx
 GC

eff

Tx
þ axUGCTx ;

4. UGCTx  Ccg;

5. C
eff

Tx
 UGCTx þ GC

eff

Tx
.

Note that the insertion of a clock gate or a buffer creates a new DC-connected

subtree, with Ccg or Cb, respectively, being the new CTx, which would be
required for the computation of merging segments at the parent node.

The merging cost is typically defined to be some combination of the wire

length jeaj þ jebj, effective switching capacitance, and possibly other metrics.

An important metric that we have left out in the preceding discussion is the

switching activity (and effective switching capacitance) of various clock gate

control signals. Consequently, it is unwise to insert a clock gate right before a reg-

ister that is enabled most of the time. To incorporate the power consumption of
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gating signals, we may assume a centralized gating-signal control logic and use its

distance from a clock gate to estimate the wire capacitance of a gating signal.
As in the case of Greedy-DME, we may interleave the generation of abstract

topology with the computation of merging segments/sampling segments.

However, the efficacy of such an approach relies on the existence of neighboring

subtrees that are of similar switching activity. Therefore, it is important that the

high-level synthesis, logic-level synthesis, and physical-level synthesis steps all

work hand-in-hand with gated-clock tree construction. All in all, the fundamental

difficulty lies in the prediction of the activity pattern of variousmodules. Although

the data activity can be quite well characterized for DSP circuits and microproces-
sors, it is more difficult to generate activity patterns for a general circuit/system.

13.3.4.3 Wire sizing for clock nets

In this section, we deal with the problem of assigning appropriate widths to

wires in a clock tree to minimize the clock skew, the clock delay, and the sensitiv-

ity of the clock tree to process variations. The constraint on the maximum width

of a wire is typically imposed by the available routing resources, whereas the con-

straint on the minimum wire width depends on the fabrication technology. More-

over, the maximum allowable current density through a wire also provides a

lower bound for the wire width, so that the wire can withstand the wear-out phe-

nomenon caused by electromigration. Note that a long wire may be divided into
several segments, and each segment may have different upper and lower bounds.

Remark: Mitigating Electromigration: Wire sizing to counter electromigra-

tion can be easily handled by DME-based clock routing algorithms. When nodes

a and b are merged at the parent node v, the total capacitances of subtrees Ta
and Tb, which provide respective estimates of the amounts of current flow in ea
and eb, can be used to determine for ea and eb appropriate wire widths that are

tolerable to electromigration. Zero-skew, bounded-skew, or useful-skew merging

can then be carried out with appropriate wire widths for ea and eb.

13.3.4.3.1 Delay sensitivity and delay minimization

From Section 13.3.2, the Elmore delay from the clock driver at the source s0 to

sink si in an RC tree is

ti ¼ Rd � CTs0
þ

X
ev2Pathðs0 ; siÞ

jevj � r

wev

� jevj �wev � ca
2

þ CTv

� �
where Rd is the output resistance of the clock driver. For simplicity, this formu-

lation ignores the fringing capacitance of wires, which can be added easily.

Taking the partial differential @ti
@wev

for any edge ev along the s0–si path,

@ti
@wev

¼ Rd � ca � jevj � jevj � r � CTv

w2
ev

þ
X

eu2AnsðevÞ

jeuj � r � ca � jevj
weu

ð13:10Þ

where AnsðevÞ contains the path from s0 to the parent node of v. If ev is not

along Pathðs0; siÞ,
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@ti
@wev

¼ Rd � ca � jevj þ
X

eu2AnsðevÞ\pathðs0 ; siÞ

jeuj � r � ca � jevj
weu

ð13:11Þ

Let us illustrate the computation of partial derivatives with a simple example as

shown in Figure 13.49. The RC tree has three segments with wire widths of w1,
w2, and w3, respectively. Every wire segment of length li is modeled as p-type
RC circuit with a resistance of rli=wi and a total capacitance of cliwi, where r

is the resistance per square and c is the capacitance per unit area. The partial

derivatives of t3 and t4 with respect to w2 are:

@t3
@w2

¼ Rd � c � l2 � l2 � r � C3

w2
2

þ l1 � r � c � l2
w1

@t4
@w2

¼ Rd � c � l2 þ l1 � r � c � l2
w1

The partial differential @ti
@wev

evaluated at W , the currently assigned wire widths,

captures the delay sensitivity of ti with respect to a change in wev . A positive

sensitivity indicates that the delay increases if we widen ev, whereas a nega-

tive sensitivity indicates that the delay decreases. When all sinks have zero delay

sensitivity, the clock net is extremely tolerable to process variations, because

the sink delays are not sensitive to these changes.

Wire 1

Wire 2

Wire 3

1
2

3

4

1
2

3

4

Rd
rl1/w1

rl3/w3

rl2/w2

cl2w2/2

cl3w3/2 cl3w3/2

cl1w1/2 cl1w1/2

cl2w2/2 C3

C4

FIGURE 13.49

A clock tree with two sinks.
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Having zero delay sensitivity means that we minimize all the sink delays.

A sink delay can be locally minimized by setting @ti
@wev
¼ 0 and solving for wev

while keeping the widths of other wires intact. Consequently, wires closer to

the root should have wider wire width, because they see a larger downstream

capacitance. The term Rd � ca � jevj in the partial derivative keeps the wire width

from getting too large. It is also a common practice to impose an upper-bound

constraint on the wire width.

It should also be obvious that the larger the downstream capacitance seen by a

wire, the larger the delay sensitivity. Consequently, buffer insertion, which decou-

ples downstream capacitance from the upstream resistance, can also greatly desen-
sitize a clock net. Similarly, we can also define the partial derivatives of a sink delay

with respect to buffer sizes and perform appropriate sizing of buffer/driver to

reduce sink delay. Although the focus here is wire sizing, similar techniques can

be used to perform buffer sizing. In fact, many techniques that are based on delay

sensitivity perform buffer and wire sizing together [Wang 2005; Guthaus 2006].

Similar to wire sizing for mitigating electromigration, wire sizing for delay

minimization can be easily incorporated in a DME-based clock routing algo-

rithm, as in [Edahiro 1993b]. Instead of operating on an abstract topology, the
heuristic approach in [Edahiro 1993b] operates on a zero-skew routing tree,

and the reason for that will soon be apparent.

Consider the merging of two zero-skew subtrees Ta and Tb at the parent

node v, with wea and web being the wire widths of ea and eb, respectively. Let

L ¼ dðmsa;msbÞ be the distance between the merging segments of a and b

and x � L be the distance of the merging segment of v from a, where

0 � x � 1, assuming no detour wiring. Then, x can be computed with the

following expression:

x ¼ tb � ta þ r � L � ðCTb=web þ c � L=2Þ
r � L � ðc � Lþ CTa=wea þ CTb=web Þ

Taking the derivative of x with respect to wea yields

@x

@wea

¼ CTa=wea

c � Lþ CTa=wea þ CTb=web

x

wea

� �
Recall that an optimal width assignment actually depends on both upstream resis-

tance and downstream capacitance. Although downstream capacitances are

known in the bottom-up process, we have to approximate the resistance in the

upstream. We use the given zero-skew routing tree to approximate the upstream

resistance from the clock source s0 to v in the final routing tree by assuming, for

example, nominal wire widths for the upstream edges. Let Rup denote the approxi-

mate upstream resistance. Then, the estimated delay from s0 to a sink in Ta is

Rup � c � L � ðwea � x þweb � ð1� xÞÞ þ r � x � L � CTa

wea

þ c � x � L
2

� �
þ K
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where K is a constant independent of x and wea . Taking the derivative of the

delay with respect to wea and setting the derivative to zero, we obtain

Rup � c �w2
ea

web

wea

CTa 2�web

wea

0@ 1Aþ CTb þweb � c � L
0@ 1A

¼ r � CTa � CTb þ r � c �web � ð1� xÞ � L � CTa

Assuming that wire capacitances web � c � L and web � c � ð1� xÞ � L are much

smaller than CTb , we discard them and obtain the following expression:

Rup � c �w2
ea

web

wea

CTa 2�web

wea

� �
þ CTb

� �
¼ r � CTa � CTb

A similar expression can be obtained by examining how the delay of a sink in Tb
is affected by eb:

Rup � c �w2
eb

wea

web

CTb 2�wea

web

� �
þ CTa

� �
¼ r � CTa � CTb

Equating the two preceding equations yields the following analytical formula for

the wire width of ea and eb:

wea ¼ web ¼ min max wmin;

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
r � CTa � CTb

Rup � c � ðCTa þ CTbÞ

s( )
;wmax

( )

wherewmin is the minimumwire width allowed by the technology or specified by
electromigration constraints, and wmax is typically determined by the available

wiring resources.

Because the newly computed wire lengths and widths may differ greatly

from the original clock routing tree, it is recommended that the process be

repeated for a few iterations. Because the wire widths are determined on the

basis of delay sensitivity, the sensitivity of the clock tree to process variations

is reduced indirectly after the iterative procedure. However, be aware that the

iterations may not converge. In other words, wire lengths and widths may keep
changing in successive applications of the modified DME algorithm. Restricting

the procedure to just a few iterations provides a good compromise between

solution quality and runtime efficiency.

Although the bottom-up wire sizing approach described in the preceding

paragraphs assumes continuous wire width, it can also be modified to consider

discrete wire widths. Because it is not possible to achieve arbitrary precision

during fabrication, it is better to have the algorithm explicitly synthesize a clock

tree with discrete wire widths to eliminate undesirable skew caused by the
post-synthesis mapping of continuous widths to discrete widths.

Remark: Skew Sensitivity: What is truly of interest is skew sensitivity, which

measures how a change in wire width can affect the clock skew. In particular,

skew sensitivity caused by process variations can be used to measure how
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reliable a clock tree is. Skew sensitivity is simply the difference of delay sensitiv-

ity. Take the RC tree in Figure 13.49 for example, the skew sensitivity of
skew3; 4 ¼ t3 � t4 is

@

@x2
ðt3 � t4Þ ¼ �l2 � r � C3=w

2
2 ð13:12Þ

It should be obvious for any two sinks, only the subtree rooted at the youngest
common ancestor of the two sinks contributes to the skew sensitivity. Because

the two sinks share the same path from the clock source to the youngest com-

mon ancestor, any changes along the path result in the same changes in the two

sink delays, which negate each other in the computation of skew.

However, because of the definition of global clock skew as gskew ¼
maxi; jjti � tjj, it is very costly to compute global skew sensitivity exactly. The

exact approach would entail the computation of the changes in the worst-case

global clock skew for each wire under consideration. Typically, an approxima-
tion method such as that in [Xi 1995] would be used.

13.3.4.3.2 Wire sizing with dynamic programming

No treatment of wire sizing is complete without the inclusion of a very popular

technique to solve difficult programs in EDA, namely, dynamic programming. This

solution method was applied to buffer insertion in 1990 by van Ginneken [van
Ginneken 1990] for delay minimization of signal nets and has since been

generalized to perform wire sizing (and buffer sizing) as well [Lillis 1995].

Although the solution we will see here is not in the same mold as those in

[van Ginneken 1990; Lillis 1995], it is still based on the fundamental principle of

building and enumerating solutions of larger problems from solutions of smaller

problems.

Here, we assume that we are sizing an unbuffered zero-skew clock tree T .

Let g ¼ ðC; tÞ denote a solution at a node v in T , where C is the total capacitance
rooted at v and t is the delay from v to a sink in Tv. Consider a clock sink si.

There is only one solution gsi ¼ ðC ¼ c g
si
; t ¼ 0Þ associated with it, where c g

si
is

the gate capacitance of si.

Now, consider the edge esi connecting si to its parent node a. We refer to the

tree with esi as the root edge as Tesi . Assume that a wire width of w is assigned

to it. Then, gesi ðwÞ ¼ ðCþ; tþÞ, the solution that corresponds to such a wire

width assignment has the following capacitance and sink delay:

Cþ ¼ C þ jesi j �w � c and tþ ¼ t þ r � c � jesi j2
2

þ r � jesi j
w
� C

where ðC; tÞ ¼ gsi . Because we can pick any width in the range wmin �
w � wmax to form such a solution, the solution space associated with Tesi can

be captured by treating the capacitance and sink delay in gesi ðwÞ as the coordi-

nates of a point on a 2-D plane, of which the x-axis is capacitance and the y-axis
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is sink delay. The solution spaces associated with Tesi and Tesj , which are con-

nected at a, are similar to the leftmost plot in Figure 13.50.

Let Gesi
and Gesj

denote the solution spaces associated with Tesi and Tesj ,

respectively. The merging at a is feasible if, and only if, there exist gesi ðwÞ ¼ðCi; tiÞ 2 Gesi
and gesi ðw0Þ ¼ ðCj; tjÞ 2 Gesi

with ti ¼ tj. The solution associated

with a obtained from the merging of gesi ðwÞ and gesi ðw0Þ is gaðw;w0Þ ¼
ðCi þ Cj; ti ¼ tjÞ. The solution space associated with a, denoted Ga, is again sim-

ilar to that shown in the leftmost plot of Figure 13.50. Note that gesi ðwminÞ has
the largest sink delay and gesi ðwmaxÞ the smallest. Let tðgÞ denote the sink delay

in solution g. Then, the sink delay in Ga must lie in the range ½tðgesi ðwmaxÞÞ;
tðgesi ðwminÞÞ� \ ½tðgesj ðwmaxÞÞ; tðgesj ðwminÞÞ�.

Now, if we pick any g ¼ ðC; tÞ 2 Ga, we can construct a new (partial) solution

space associated with Tea based on g by assigning wire width wmin � w � wmax

to ea. The construction of such a solution, denoted as GeaðgÞ, is similar to that
for Tesi from gsi . Consequently, we would again obtain a solution space that is

similar to the leftmost plot in Figure 13.50. However, to obtain the overall solu-

tion space associated with Tea , we would have to consider all solutions in Ga.

In other words, Gea ¼ [g2Ga
GeaðgÞ, which is typically a 2-D region, as shown

in the middle plot of Figure 13.50. It is important that we keep track of which

solutions from the two edges contribute to a solution in the parent node. The

arrows from the leftmost plot to the middle plot in Figure 13.50 depict this

relationship.
Clearly, the computation of the wire-sizing solution spaces of internal nodes

of the zero-skew routing tree quickly becomes quite unwieldy. To overcome this

problem, a sampling approach [Tsai 2003] can be used. Instead of computing a

continuous 2-D solution space, a sample solution that is represented by a set

of horizontal line segments is calculated. Each horizontal line segment corre-

sponds to a range of capacitances Cmin � C � Cmax that achieve a particular

sink delay t. There may be a few sampling segments for a particular sink delay

t, because there are a few ranges of capacitances that could result in the same
delay. We show two sampling segments in the middle plot of Figure 13.50.

Downstream capacitance Downstream capacitance Downstream capacitance

DelayDelayDelay

FIGURE 13.50

Wire sizing solution spaces for various nodes in a zero-skew routing tree.
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The sampling of Ga is quite straightforward. We will now illustrate how the

sampled Gea can be computed. It is best that we compute the sampled Gea

together with sampled Geb , where a and b are siblings in the zero-skew routing

tree. Doing so allows the sink delays to be sampled within the same range and

facilitates the merging of the two sampled solution spaces to achieve zero-skew.

In other words, the first step is to determine the minimum and maximum sink

delays in Gea and Geb given the sampled solution spaces Ga and Gb. This is

trivial, because for each g ¼ ðC; tÞ 2 Ga, the minimum (maximum) sink delay

of Tea can be determined by assigning the maximum (minimum) wire width

to ea. The minimum (maximum) sink delay in sampled Gea is, therefore, the
smallest (largest) among the minimum (maximum) sink delays obtained in this

fashion.

Let tmax
ea

and tmax
eb

(tmin
ea

and tmin
eb

) denote the maximum (minimum) sink delays

in Gea and Geb , respectively. The sampled delays in Gea and Geb would, therefore,

lie in the range ½tmin
ea

; tmax
ea
� \ ½tmin

eb
; tmax

eb
�. Considering a sampled delay tþ that is in

this range, we now have to compute the range of capacitances that can achieve

this delay. For each ðC; tÞ from the sampled Ga, we can solve for w, the wire

width of ea, that achieves the sampled delay tþ as follows:

w ¼ r � jeaj � C
tþ � t � r�c�jeaj2

2

If wmin � w � wmax, C
þ ¼ C þ jeaj �w � c is in the capacitance range. The capac-

itance range(s) for the sampled delay tþ is obtained by clustering the Cþ’s
obtained in this fashion into appropriate group(s). The solution space Gea is

similar to that shown in the rightmost plot of Figure 13.50.

The sampled Geb can be obtained in a similar fashion, and together, Gea and

Geb can be merged to obtain Gv, where v is the parent node of a and b. It is

again important for each solution in Gv to keep track of the contributing

solutions from Gea and Geb . The process continues until Gs0 is obtained.

Among the sampled delays in Gs0 , the one that meets the target delay and has

the lowest capacitance is chosen. Because we have kept track of the solutions
from the child nodes that contribute to a solution of the parent node, we can

easily perform a top-down traversal to determine the wire width of each edge

in the zero-skew routing tree.

Remark: Dynamic Programming for Delay Minimization: The biggest differ-

ence between wire sizing for delay minimization and zero-skew is that for delay

minimization, the dynamic programming approach can apply pruning rules to

weed out suboptimal solutions, greatly reducing the search space. Consider

two solutions ðC; tÞ and ðC0; t0Þ of a tree, where the delays t and t0 correspond
to the maximum sink delays in these two solutions. If C < C0 and t < t0), there
is no reason to consider ðC0; t0Þ any further in the bottom-up process, because

solutions that are built on top of it are always inferior to corresponding solutions

constructed upon ðC; tÞ.
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13.3.4.4 Cross-link insertion

Clock trees provide only one unique path from a clock source to any clock sink.

Because there is a lack of redundancy in a tree structure, it is difficult to com-

pensate for the effects of variations. The cross-link insertion technique is

a promising approach that introduces redundancy while retaining the low

wiring cost of a clock tree. The insertion of cross-links or interconnect wires
between some nodes of a clock tree reduces the skew variability. We show

examples of such clock trees in Figures 13.15 and 13.51.

Given an RC network G ¼ ðV ;EÞ, we can decompose the network into

a spanning tree T ¼ ðV ;ET Þ and a set of link edges (chords) EL ¼ EnET . In

Figure 13.51 for example, the only edge in EL is the cross-link l inserted

between nodes u and w. Let Rl and Cl be the resistance and capacitance of l,

it can be represented by a p-type RC element (see Figure 13.18) with two

capacitors Cl=2 at the two ends of a resistor Rl.
Let ti denote the Elmore delay at any node i of T ¼ ðV ;ET Þ. With the link l

inserted between u and w, the delay at node i changes. We examine the

changes caused by the additions of the capacitors and resistor separately. The

addition of only the capacitors is fairly straightforward, because the topology

remains a tree. The Elmore delay at node i after the addition of capacitors at

u and w, denoted as ~ti, is

~ti ¼ ti þ Cl

2
ðRi;u þ Ri;wÞ;

where Ri;u ¼ RPathðs0; iÞ\Pathðs0;uÞ ðRi;w ¼ RPathðs0; iÞ\Pathðs0;wÞÞ is the common resis-

tance between the paths Pathðs0; iÞ and Pathðs0;uÞ ðPathðs0; iÞ and Pathðs0;wÞÞ.
When the resistor Rl is inserted, the delay at node i is changed to t̂i from ~ti as

follows [Chan 1990]:

u

w

p

Level 1

cross-link l

Level 2

Level 0

v

x

y

FIGURE 13.51

A clock tree with a cross-link inserted.
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t̂i ¼ ~ti �
~tu � ~tw

Rl þ ru � rw
ri;

where resistance ri is the Elmore delay at node i when the capacitances at

nodes u and w are Cu ¼ 1 and Cw ¼ �1, respectively, and all other node capa-

citances are zero.

Example 13.4 Adding a Cross-Link: Consider the addition of a cross-link between nodes v and x in

Figure 13.17, as shown in Figure 13.52. Let the link capacitance and resistance be Cl

and Rl, respectively. First, we add the link capacitance and update the Elmore delays

of various nodes:

~ty ¼ ty þ Cl

2
ðRy; v þ Ry; xÞ; ~tz ¼ tz þ Cl

2
ðRz; v þ Rz; xÞ;

~tv ¼ tv þ Cl

2
ðRv; v þ Rv; xÞ; ~tx ¼ tx þ Cl

2
ðRx; v þ Rx; xÞ;

where Ry; v ¼ Ru þ Rv, Ry; x ¼ Ru, Rz;v ¼ Ru þ Rv, Rz; x ¼ Ru, Rv; v ¼ Ru þ Rv, Rv; x ¼ Ru,

and Rx; x ¼ Ru þ Rx.

Now, we compute the r0s, the Elmore delays when Cv ¼ 1, Cx ¼ �1, and all other

node capacitances are zero.

rv ¼ Ru 1þ �1ð Þð Þ þ Rv � 1 ¼ Rv; rx ¼ Ru 1þ �1ð Þð Þ þ Rv � �1ð Þ ¼ �Rx;
ry ¼ Ru 1þ �1ð Þð Þ þ Rv � 1þ Ry � 0 ¼ Rv; rz ¼ Ru 1þ �1ð Þð Þ þ Rv � 1þ Rz � 0 ¼ Rv:

The computation of the new Elmore delays after link insertion is now trivial:

t̂y ¼ ~ty �
~tv � ~tx

Rl þ rv � rx
ry ; t̂z ¼ ~tz �

~tv � ~tx
Rl þ rv � rx

rz

t̂x ¼ ~tx �
~tv � ~tx

Rl þ rv � rx
rx; t̂v ¼ ~tv �

~tv � ~tx
Rl þ rv � rx

rv

FIGURE 13.52

Insertion of a cross-link to the RC tree in Figure 13.17.
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Now, we examine the effects of the additions of capacitors and resistor on the

skew between u and w. The new skew between u and w, denoted asdskewu;w, is dskewu;w ¼ Rl

Rl þ ru � rw
skewu;w þ Cl

2
Ru;u � Rw;w

� �� �
It is clear that the addition of Cl almost always results in a new skew between u

and w as Ru;u is almost certainly different from Rw;w. If we neglect Cl from the

preceding equation, we may make the following observations:

1. The addition of Rl reduces the magnitude of the skew between u and w

(i.e., jdskewu;wj < jskewu;wj). In other words, the skew variability of u and
w is reduced. This stems from the fact that ru ¼ Ru;u � Ru;w and

rw ¼ Ru;w � Rw;w are the Elmore delays obtained by setting Cu ¼ 1 and

Cw ¼ �1 and zeroing all other node capacitances.

2. For the special case in which skewu;w ¼ 0, the skew remains zero after

the addition of Rl.

3. The farther u and w are from their youngest (nearest) common ancestor,

the smaller the skew variability.

These observations motivate the following procedure for link insertion

[Rajaram 2004] in which links are inserted only between nodes that have zero

skews (Observation 2). Moreover, only sink pairs are considered (Observation

3). To overcome the effects caused by the link capacitance, the clock tree is
tuned after we divide the link capacitance and add them to the two nodes.

The purpose of the tuning is to restore the original skews of all sink pairs in

the tree. This can be accomplished easily by applying the DME algorithm. Con-

sequently, the addition of link resistance will either maintain the zero skew

between the two nodes or reduce the skew variability of the two nodes.

Because the tuning process can be expensive, all link capacitances are inserted

simultaneously, and the tuning is performed only once.

The remaining problem is that of selecting the set of sink pairs for link inser-
tion. In the approach adopted in [Rajaram 2004], only sink pairs that satisfy the

following three selection rules simultaneously are selected:

1. Observation 1 suggests that the smaller the link resistance to loop resis-

tance ratio, Rl

Rl þ ru� rw
, the lower the skew variability. Thus, sinks u and

w may be selected only when the ratio is no greater than a user-specified

threshold amax.

2. The effect of the link capacitance on skew is small when

b ¼ j Cl

2
ðRu;u � Rw;wÞj is small. Hence, a link may be inserted between

sinks u and w only when b is no greater than a user-specified threshold

bmax. This rule has the effect of selecting two sinks that are in close prox-

imity and have similar path lengths from the source.

3. Observation 3 suggests that the level of the youngest common ancestor
(YCA) for a sink pair should not be too high. Here, the level of a node
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refers to the number of edges between the source and the node. Conse-
quently, a sink pair may be selected only when the level of its YCA is

no greater than a user-specified threshold gmax.

Other link insertion algorithms can be found in [Rajaram 2004, 2005,

2006].

Example 13.5 Applying Cross-Link Selection Rules: In Figure 13.51, the level of p and the YCA of u and

w is 2. Assuming that gmax ¼ 3 and that the first two selection rules are also satisfied, the

cross-link connecting u and w is inserted as shown.

Although the level of the YCA of u and v is 1 � gmax, the cross-link between v and v is

not inserted, because u and v are too far apart and the link resistance to loop resistance

ratio is too high.

We also should not insert a cross-link between x and y, because the level of their YCA

is greater than gmax.

13.4 POWER/GROUND NETWORK DESIGN
Now, we shall turn our attention to the analysis and synthesis of power/
ground (P/G) networks. In particular, we focus on the main design challenge

highlighted in Section 13.2, namely, IR and L � di=dt power supply noise. Some

techniques to suppress power supply noise, such as wire sizing, also mitigate

the electromigration effects. We follow a similar organization as in the preced-

ing section on clock network design. First, we describe some typical P/G topol-

ogies used in designs. Next, we present a random-walk method for the efficient

analysis of P/G networks. Last, we focus on the automated synthesis of P/G

networks.

13.4.1 Typical power/ground topologies

The design of P/G distribution networks begins with the construction of an

appropriate routing topology. First, we consider a simple power distribution

scheme that consists of two large concentric rings (one power and one ground)

from which comblike structures can be attached (see Figure 13.53). In particu-

lar, each comblike structure is commonly used for standard-cell designs. To
counter power supply noise and electromigration, the concentric rings, which

are connected to VDD and GND (or VSS) pads, are typically of a larger width. Sim-

ilarly, the trunk of a comb is wider than the fingers. Sometimes, the presence of

larger modules such as memory blocks or bus lines would destroy the regularity

shown in Figure 13.53.

Tree and mesh structures are the most common topologies for power and

ground routing. Although the design of a power tree structure (see Figure 13.54)
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VDD VSS

FIGURE 13.53

Interleaved power and ground routing for standard cell designs.

FIGURE 13.54

Local tree–based power distribution technique.
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offers efficiency for resource consumption, mesh structures perform better in

minimizing voltage and current variations in the supply networks. A mesh struc-
ture consists of a rectangular grid of orthogonal wires spanning the whole

circuit; see Figure 13.55 for an example of a generic mesh structure. In mod-

ern-day microprocessors, the wires of the grid extend across several layers

[Singh 2005]. Wires in different layers are connected through vias, solid black

blocks joining two metal layers differentiated by shade, as seen in Figure 13.55.

As in the case of clock network design, it is common to see a combination of

these various topologies in a single P/G network. Because of its robustness, a

mesh structure typically sits at the topmost level in the hierarchy of a P/G net-
work. Comblike structures and tree topologies, with wire width tapering, are

usually used for the local distribution of power supply, because they are more

frugal on routing resources.

Packaging technologies also play a significant role in enhancing the robust-

ness of power supply. One of the most common interfaces for external power

being supplied to an IC is along the periphery of the die (see Figure 13.56).

FIGURE 13.55

Typical power mesh structure.
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Such packaging technology is typically used with comblike and tree topologies.

In the comblike topology for example, the VDD and GND pads on the periphery

of the die can be easily connected to any point on the concentric rings.

Flip-chip packaging makes it possible to supply external power into the inte-

rior of the die area directly (see Figure 13.57). For flip-chip mounting, VDD and

GND pads are distributed across the topmost layer. The die is flipped upside
down and connected to the substrate of the package with solder bumps. Flip-

chip packaging provides two benefits: the power supply is available at any posi-

tion on the chip and the parasitic inductances and capacitances of such

packages are lower. Used in conjunction with a power mesh, the VDD (or

GND) pads usually reside on the grid points of the mesh. The pad density of a

region of the chip is a function of the current demand in that region. Note that

flip-chip packaging can also help address the clock distribution problems.

For power minimization, dual- or multiple-VDD designs have become quite
popular in recent years. For such a design, high VDD is used for high-performance

components, and low VDD powers low-performance components to conserve

energy. For a dual-VDD design, for example, three P/G networks are required:

VH
DD (the high supply voltage), VL

DD (the low supply voltage), and GND. Both

VH
DD and VL

DD could be supplied externally. Alternately, an on-chip voltage regula-

tor can be used to take a single externally supplied voltage VH
DD ¼ VDD and drop

it to supply VL
DD.

Substrate

Die

Film

Metal lead frame

FIGURE 13.56

Use of polymer film wires to connect power to periphery of chip area.

Substrate

Metal layers

Solder bumpDie

FIGURE 13.57

Flip-chip design to distribute power to any location on chip area.
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13.4.2 Power/ground network analysis

P/G network analysis can involve either the DC or the transient analysis of the
network. DC analysis is required for finding the static IR drop or finding steady

state values corresponding to the IR drop caused by the average current flowing

through a power supply network. Transient analysis is concerned with deter-

mining the effects of switching activity, which is essentially finding voltage fluc-

tuations on a P/G network. This is required for determining the dynamic IR

drop and L � di=dt noise.
IR drop analysis of a power supply network can be done efficiently, because

the resistance and capacitance matrices are both positive definite. Iterative meth-
ods, such as conjugate gradient, can be used for efficiently simulating large power

distribution networks [Lin 2001]. The analysis of L � di=dt noise is more difficult,

because including the inductance matrix in the modified nodal analysis formula-

tion results in matrices that are not positive definite. Specifically, the use of fast

iterative methods directly becomes difficult [Lin 2001]. However, by reverting to

the nodal formulation, matrices that are symmetric positive definite [Chen 2001]

can be formulated, and the inherent structure/conditioning can be exploited. As

in the case of clock network analysis, we will focus on the modeling and analysis
of P/G networks that are composed of only resistive and capacitive elements.

Traditionally, P/G networks have been modeled with large linear time-

invariant models. The supply lines are modeled as distributed RC segments.

For a present-day supply network, such a model can consist of millions of nodes

and segments. The sources that supply power are modeled as voltage sources,

whereas the drain elements that draw currents can be modeled as time-varying

current sources. Figure 13.58 shows the models for power sources and drains.

The Modified Nodal Analysis (MNA) of such models yields equations of the form

Gx þ C _x ¼ b ð13:13Þ
where x is the vector of node voltages, b is the vector of current sources, G is the

conductance matrix, and C is the admittance matrix, which consists of capacitive
elements.Weassume that voltage sources havebeen transformed intoNortonequiv-

alent circuits. Hence, we consider only current sources in b. For an RLC network,

x and C would also contain inductor currents and inductive elements, respectively.

Supply

+
− Vs

Drain

FIGURE 13.58

Models for supply and drain in a P/G network.
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Applying the standard trapezoidal integration scheme in Equation (13.13)

with step size h results in the following linear system of equations:

G þ 2C

h

� �
|fflfflfflfflfflfflffl{zfflfflfflfflfflfflffl}

A

x kþ1 ¼ bkþ1 þ bk � G � 2C

h

� �
x k|fflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl{zfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflfflffl}

b

ð13:14Þ

where x
k is the vector of node voltages at time k �h and (i.e., the kth time step).

The solution of Equation (13.14) involves an inversion of the coefficient

matrix A. As more devices are packed on a single chip, the size of the power

distribution network will increase, and consequently the matrix A tends to be

of very large size. A direct solve of Equation (13.14) hence becomes impractical

because of the large amount of memory and computation required. However,

networks such as mesh and tree will correspond to a matrix A that is sparse

and structured. In addition, A is diagonally dominant and symmetric [Kozhaya

2001]. A number of methods have been developed, that exploit these properties
of A for analysis and optimization of P/G networks.

We will begin by discussing the specific sparsity structure of the matrix A

that arises in the analysis of RC mesh structures. Consider a simple example

of a 3� 3 power mesh, as shown in Figure 13.59. The sparsity structure of

matrix A for this example is as follows:

� � �
� � � �
� � �

� � � �
� � � � �
� � � �
� � �
� � � �
� � �

0BBBBBBBBBBBB@

1CCCCCCCCCCCCA
A multigrid-like technique was proposed in [Kozhaya 2001, 2002]. In this

approach, the original large system is first mapped to a coarse grid of reduced

size. The reduced system is solved, and the solution is then mapped back to

the original system through interpolation. A method for hierarchical analysis

FIGURE 13.59

A 3� 3 RC mesh structure.
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of power distribution networks was provided in [Zhao 2002]. The power grid is

first divided into a global grid and several local grids. Macromodels for the local
grids are then generated by use of efficient numerical methods. These macromo-

dels can then be used for simulating the global grid. In addition, several techni-

ques based on iterative methods that use sparse linear system techniques have

been proposed as well. Techniques based on preconditioned Krylov subspace

methods and successive overrelaxation techniques were proposed in [Chen

2001] and [Zhong 2005], respectively.

Finally, we will examine in more detail a stochastic technique based on the

random walk method [Qian 2003]. Here the problem of simulating an RC power
mesh is translated into a stochastic game that will proceed iteratively until some

measure of convergence is achieved. To motivate the procedure, we begin by

examining a simple situation where we have a cross-shaped structure created

by four resistors with a current source at the central node, as shown in Fig-

ure 13.60. The current at the central node x is described through KCL:X4
i¼ 1

giðVi � VxÞ ¼ Ix

where gi and Vi are the conductance and voltage for each bordering node,

respectively. Thus, we can solve for the voltage at the central node:

Vx ¼
X4
i¼ 1

giP4
j¼ 1 gj

Vi � IxP4
j¼ 1 gj

ð13:15Þ

If we construct Equation (13.15) for each node in a resistive network and solve

the linear equations simultaneously, we arrive at the exact voltage values across

the network. Instead, let us form a basic stochastic game that mimics the prob-

lem of solving for these voltages.

Imagine a traveler who is currently at a position x (see Figure 13.61). With

some probability px;i, the traveler will decide to walk down one of the available

roads i. The sum of the probabilities for all of the roads that intersect at x is 1,
but the individual probabilities have yet to be determined. Each node that is not

labeled “HOME” is considered a hotel that must be visited (with a cost incurred,

denoted as mx), and the traveler must continue along until a final home location

g1

g2
g3

g4
Ix

2

1

4

3

FIGURE 13.60

Portion of a resistive network.
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is reached (and fixed prize amount is awarded, denoted as m0). Thus, we can

define a gain function f for the amount of money earned on the walk given that

we began at a non-home node x that has n bordering locations labeled
1; 2; . . . ;n:

f ðxÞ ¼
Xn
i¼ 1

px; i f ðiÞ �mx

Given that a traveler will remain at the home location once it is reached, we

conclude that f ð yÞ ¼ m0 for all home nodes y. An analogy can now be drawn

between the resistive VDD network and this stochastic game:

px;i ¼ giPn
j¼ 1gj

; mx ¼ IxPn
j¼ 1gj

; m0 ¼ VDD

Repeated iterations of the random walk game will give the values of the voltages

for each node f ðxÞ ¼ Vx in the resistive network. To apply this technique to RC

power network analysis, we have to replace each capacitor in the RC network

by a resistor and a voltage-controlled current source. This simple extension is

further developed in the section exercises.

13.4.3 Power/ground network synthesis

The synthesis of a P/G network involves the determination of its topology, the
placement of power pads, the appropriate sizing of power lines, and the inser-

tion of decoupling capacitances. When designing a power distribution network,

it is important that both the maximum allowable current density for each wire

and the maximum voltage drop at each node are within specifications. The max-

imum current density constraints must be satisfied to avoid the wearing out of

 px ,2

px,1

 px,3

HOME

mx

 px,4

HOME

FIGURE 13.61

Random walk game.
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metal wires, whereas the voltage drop criteria are required for maintaining cor-

rect functioning of the IC. Meanwhile, it is important that the wiring resource
consumption of a P/G network is minimized.

13.4.3.1 Topology optimization

A variety of techniques have been proposed for topology optimization of P/G

supply networks [Rothermel 1981; Syed 1982; Xiong 1986; Mitsuhashi 1992;
Singh 2004, 2005]. For modern dense circuit designs, power grids can involve

millions of wires, and it becomes necessary to formulate fast techniques for

the design of such networks.

The synthesis technique in [Singh 2005] is based on the recursive partitioning

of the chip area. The procedure starts with assigning a very coarse grid for the

whole design, assuming very wide wires and large pitch. The grid is then recur-

sively bipartitioned. The coarse grid in each of the two partitions is refined such

that each wide wire is replaced by several narrower wires with smaller pitch.
The amount of computation needed to perform the analysis after each refine-

ment step does not grow substantially as a result of the use of locality (i.e., inde-

pendently solving only a small local grid in each iteration). The procedure halts

when the grid topology is able to satisfy the two specifications described

previously.

13.4.3.2 Power pad assignment

We will now examine the problem of determining the optimal number of power

pads and their locations when dealing with a grid topology. The objective is to

minimize the number of power pads necessary to meet the two design consid-

erations discussed earlier. A mixed integer linear program (MILP) formula-

tion is given in [Zhao 2004]. The MILP formulation involves a set of potential
power pad locations, PC, and a set of observation points, OP, on the power

grid. By specifying a subset of the total number of nodes as observation points,

a macromodel can be formed for the power grid system, as shown in

Figure 13.62. The governing dynamics of this system can be described by the

following equation:

I ¼ A � V þ S ð13:16Þ

S

I V

A

FIGURE 13.62

Macromodel schematic.
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where I is a vector of currents flowing into the model through the ports, A is

the conductance matrix, and V is the port voltage vector. By introducing 0-1

integer variables, we can construct constraints for the current seen at any of

the potential pad locations:

Vi � VDD � zi � 0

Vi � VDD

Vi � Vt

It � zi � Ii � 0
Ii � 0

ð13:17Þ

Here, It is themaximum current allowed through a pad,Vt is theminimum voltage

for any node in the power grid, and zi is a 0-1 variable designating if location i is

occupied by a pad. Thus, we can formulate the following optimization problem:

min
P
i2PC

zi i 2 f0; 1g
subject to Vj � Vt j 2 OP

Ii and Vj satisfy Equation ð13:16Þ for j 2 OP [ PC and i 2 PC

Ii and Vj satisfy Equation ð13:17Þ for i 2 PC

A solution based on a branch-and-bound algorithm can be used for solving such an

optimizationproblem. Since theMILP solutionprocedure canbecomehighly expen-

sive for a large number of variables, which in this case are the power pad locations,

a heuristic can be used to aid in reducing this run time complexity. In [Zhao 2004],

for example, a divide-and-conquer approach is used to divide the whole power grid
into several partitions and then assign pads for each partition independently.

The heuristic presented in [Oh 1998] simultaneously performs pad assign-

ment and P/G routing. In this approach, an attempt is made to evenly distribute

the inductively induced voltage fluctuation across the pads, while minimizing

routing of single-pad trees.

13.4.3.3 Wire width optimization

We now discuss for a given topology how the wire widths can be optimized to

meet both maximum allowable voltage drop and physical breakdown constraints

[Chowdhury 1985]. By varying the wire width wewill be able to control the resis-

tance of the wire and, therefore, the amount of current flowing through that path
or route. This, in turn, will allow us to meet any desired maximum allowable volt-

age drop required by the design specifications. In this case voltage drop will be

measured from the actual power pad to a power supply pin of a gate or module.

In addition, for the optimization problem a minimum allowable width for each

branch in the network will be imposed. This minimumwidth is enforced to avoid

metal migration effects that will affect the physical reliability of the design. Specif-

ically, if the cross-sectional area increases or the current density decreases, we can

assume that the average lifetime of the wire will be longer. Finally, our overall goal
(objective function) will be to minimize the total area required for the routing of

the power network. This is equivalent to minimizing a weighted sum of the wire

width needed to meet the specifications for the network.
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This or similar optimization problems can be formulated as mathematical pro-

grams, which are then solved numerically. If we consider the formulation shown
in [Mitsuhashi 1992] the result is a nonlinear programming approach for solving

the problem. Here the possible wire widths are some discrete values based on a

realistic fabrication situation. The objective function can be described as follows:

A ¼
Xn
i¼ 1

wili ¼
Xn
i¼ 1

jrIil2i j
xi

where wi and li are the width and length, respectively, for the n branches of the

power network. The term Ii is the maximum current flow across a branch with

resistivity r, and the voltage drop is denoted by xi. A maximum allowable voltage

drop vj across any path pj can be assured through the following constraints:X
i2pj

xi � Dvj

The minimum width W allowed by the fabrication process can be incorporated

through these n conditions:

wi ¼ rIili
xi
� W

Finally, by putting constraints on the maximum current-wire width ratio, we can

avoid the problems caused by metal migration:

Ii

wi

¼ xi

rli
� si

where si is the maximum allowable current density across branch i.

With an alternate mathematical model, a linear formulation of the optimi-

zation problem given in [Tan 2003] facilitates the use of more efficient methods

of solution. Furthermore, interested readers can examine [Luenberger 2003],
which provides detailed explanations of numerical schemes used to solve the

optimization problems described previously.

13.4.3.4 Decoupling capacitance

One of the most powerful techniques for reducing power supply noise caused by

IR drop and L � di=dt noise is to use decoupling capacitors across the power grid

[Rao 2001]. It is commonly understood that charge is required to energize a load
capacitor, where the charge in this case is supplied by the current flowing through

the power supply network. However, such amechanism introduces power supply

noise caused by the intrinsic wire resistance and inductance in the network.

Alternately, charge can also be supplied by another capacitor, which can be

placed in close proximity to the load capacitance. Because this additional capaci-

tance is located near the load, it will reduce the overall size of the current loop and

act to supply charge to the load. This situation is illustrated in Figure 13.63.
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Consequently, current does not need to flow across most of the parasitics for the

power supply network, and the current-induced noise is reduced. The needed

action for a decoupling capacitor can be efficiently implemented with the gate

capacitance of a transistor. With increasing noise values, it is often necessary to

allocate asmuch as 10% of the total chip area to decoupling capacitors. Therefore,
it is crucial to estimate the size and area needed for decoupling capacitor

assignment.

There have been many studies into decoupling capacitor placement and

optimization. First, we address the problem of estimating the amount of decou-

pling capacitor that each circuit module will require. The amount of decoupling

capacitor required by each circuit module at the floorplanning level can be cal-

culated as follows: suppose the maximum voltage noise that a module can toler-

ate is V lim
noise. Let Q ¼ R t

0
IðtÞdt denote the maximum total charge that this

module will draw from the power supply over t, the duration that the current

waveform IðtÞ lasts. A greedy scheme for decoupling capacitor estimation is

to allocate C ¼ Q=V lim
noise to this module.

However, this scheme might result in overallocation of decoupling capaci-

tors, because each decoupling capacitor in practice can be shared by several

modules [Zhao 2001]. An iterative approach was proposed instead. An

initial estimate of decoupling capacitor required for each module is expressed as

y ¼ max 1;
Vnoise

V lim
noise

� �
; C ¼ 1� 1

y

� �
Q

V lim
noise

whereVnoise denotes the power supply noise that themodule experiences. AfterC

is added to the module, the power noise, Vnoise, can be recalculated for all the

other modules, and the remaining C are allocated accordingly. Because the decou-

pling capacitor at a module also helps in reducing the power supply noise at a

neighboring module, the amount of decoupling capacitor allocated with this pro-

cedure can be significantly smaller than that of the greedy scheme.

POWER SUPPLY
OUTPUT

ZOUT

FIGURE 13.63

Decoupling network.
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Several techniques have been proposed for decoupling capacitor budgeting

at the floorplanning level [Su 2003]. An iterative procedure involving circuit
simulation and floorplanning was proposed in [Chen 1997]. Here, a circuit sim-

ulator is used to first analyze the switching noise and determine any hot spots

(locations of excessive voltage drop). Then, the sizes of the decoupling capaci-

tors needed to meet voltage drop specifications are determined. On-chip decou-

pling capacitors are usually implemented as MOS capacitors, which has a unit

area capacitance of Cox ¼ eox=tox, where tox is the oxide thickness and eox is

the permittivity of SiO2. Given a decoupling capacitance C, the silicon area

required for the fabrication of the decoupling capacitor is S ¼ C=Cox.
After this initial circuit simulation stage, the floorplanner calculates the area

required to implement these decoupling capacitors, as well as possible locations

for their placement. This information can then be sent back to the circuit simu-

lator, which simulates the activity on the new floorplan with the additional

added decoupling capacitors. The iterative procedure continues until the power

noise is suppressed to within the required limits.

A linear programming–based technique to allocate white space for decou-

pling capacitors has been proposed in [Zhao 2001]. White space for decoupling
capacitor placement is allocated in two stages. The first stage involves allocation

of existing white space with a linear program. The objective here is to maximize

the utilization of the existing white space. Suppose the white space in the exist-

ing floorplan has been partitioned into H rectilinear blocks, called white-space

modules. For each white-space module wk, we use Ak to denote its area and Nwk

to denote the set of circuit modules that are adjacent to it. Assume that there

are M circuit modules. Let Sð jÞ denote the silicon area required for the decou-

pling capacitor allocated to circuit module mj for power supply noise
suppression. We use Nmj

to denote the set of white-space modules that are adja-

cent to circuit module mj. We show a floorplan of 7 rectangular circuit

modules and 3 rectilinear white-space modules in Figure 13.64. In this example,

Nw1
¼ fm3;m4;m5;m6g and Nm1

¼ fw3g.
Let x

ð jÞ
k be the amount of white space allocated to circuit module mj from an

adjacent white-space module wk. The white space utilization problem can be

formulated as follows:

max
XH
k¼ 1

X
j2Nwk

x
ð jÞ
k ;

subject to
P
j2Nwk

x
ð jÞ
k � Ak; k ¼ 1; 2; . . . ;HP

k2Nmj

x
ð jÞ
k � Sð j Þ; j ¼ 1; 2; . . . ;M

x
ð jÞ
k � 0; 8k; 8j 2 Nwk

In the second step, the floorplan is stretched, if necessary, such that extra white

space can be created to meet all the decoupling capacitor requirements of the

circuit.
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All the decoupling capacitor allocation methods require the estimation of

the current waveforms that result in hot spots. It is often difficult to accurately

estimate the current waveforms in general situations. Hence, the allocation of

decoupling capacitor is usually based on the worst-case voltage drops, resulting

in an overallocation of resources for decoupling capacitors. To alleviate this
problem, several sensitivity-based techniques for decoupling capacitor optimiza-

tion have been proposed [Bai 2000; Su 2000; Fu 2004].

We now show how the sensitivity of a node voltagewith respect to decoupling

capacitances can be calculated. In [Su 2003], the authors used the adjoint network

method [Director 1969] to calculate critical nodes that can benefit the most from

introducing decoupling capacitance. First, an estimate of the current-induced

noise at each node in the grid is constructed on the basis of both the possible tun-

able circuit parameters for the decoupling capacitor and the voltage drop
observed at the node.3 Then, an adjoint circuit is obtained by shorting all voltage

sources and opening all current sources in the original power network. Finally, for

each node with a non-zero noise measurement, appropriate current sources are

applied. This allows for a measurement of the sensitivity to be computed:

@Z

@C
¼

ZT
0

ccðT � tÞ _vcðtÞdt ð13:18Þ

3As the circuits considered in [Su 2003] are standard cell designs, the height of the decoupling

capacitors are constrained to be the same as the height of standard cells. Hence, the only

tunable circuit parameters are the widths of the decoupling capacitors.

m7

m1

m2

m3

m5
m6

m4

w1

w2

w3

FIGURE 13.64

A floorplan of 7 circuit modules and 3 white-space modules.
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where Z is the sum of the current-induced noise estimates, ccðtÞ is the wave-

form across the capacitor C in the adjoint circuit, and vcðtÞ is the voltage wave-

form from the original power-grid analysis. This information can then be used to

formulate a quadratic program for determining the optimal decoupling capacitor

allocation area.

13.5 CONCLUDING REMARKS
There is a rich body of work in the general areas of automated modeling and

synthesis of clock distribution networks and P/G delivery systems. This chapter

focuses mainly on the modeling and synthesis of clock and power/ground

networks composed of RC elements. There are many existing studies that

address the problem of synthesizing such networks based on more complete
models that also consider inductive parasitics. These studies typically adapt

many existing analysis and synthesis techniques covered in this chapter, with

varying degrees of success, to address the challenge of incorporating inductive

elements in the networks. Parametric variations add further challenges along a

different dimension. A bigger challenge is the comodeling and cosynthesis of

clock and P/G networks. As the design margin gets smaller, it is getting harder

to ignore the interplay of these two large networks.

13.6 EXERCISES

13.1. (Delay Modeling) Let Rij denote the resistance of the common path
Pathðsrc; iÞ \ Pathðsrc; jÞ from the source src to nodes i and j in an RC

tree T . Besides the Elmore delay, Rubinstein, Penfield, and Horowitz

[Rubinstein 1983] also defined the following two delay models:

Tp ¼ P
k2 T

RkkCk

Ti ¼ P
k2T

R2
kiCk

� �
=Rii

Although there is only one Tp for a given RC tree T , each node i

in T has an associated Ti. It can be shown that Ti � TElmore; i � Tp.

(a) Write down the pseudo-code to compute Tp in linear time.

(b) Write down the pseudo-code to compute all Ti’s in linear time.

13.2. (Skew Scheduling) Consider a constraint graph GCðV ;EÞ obtained
from a set of skew constraints C. Suppose GC has no negative cycles.

Let ti be the clock delay assigned to clock pin si. Suppose the given

schedule is not feasible, which implies that for some edge ej; i 2 E,

ti > tj þwj; i
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When this occurs, we apply the following relaxation to change

the clock delay assigned to clock pin si:

ti  tj þwj; i

(a) Show that the process of changing the clock delays assigned to

clock pins with iterations of the relaxation step will converge
to a feasible clock schedule.

(b) What is the worst-case time complexity for the algorithm to

converge to a feasible clock schedule?

13.3. (Zero-Skew Routing) Given two Manhattan arcs, write down the

pseudo-code to compute the distance between them.

13.4. (Zero-Skew Routing) Consider two merging segments msa and

msb that are of distance L apart. Suppose they are merged at parent

node v, with non-negative wire lengths jeaj and jebj, as computed in

Section 13.3.3.3. Write down the pseudo-code to compute msv, the

merging segment at v.

13.5. (Bounded-Skew Routing) Consider two merging regions that are
polygons formed by rectilinear line segments and Manhattan arcs,

as shown in Figure 13.33, for bounded-skew routing. Write down

the pseudo-code to compute the distance L between them.

13.6. (Bounded-Skew Routing) In Section 13.3.3.4, we stated that for

bounded-skew routing, the global skew on a boundary segment of

a merging region that is a Manhattan arc is a constant.

(a) For the path length delay model, how would the global skew

change along a rectilinear boundary segment?
(b) For the Elmore delay model, how would the global skew

change along a rectilinear boundary segment?

13.7. (Bounded-Skew Routing) You are given a routine called Compute_

merging_region, which takes in two merging regions mra and mrb as
input, and outputs a merging region mrv as a result of performing a

bounded-skew merge operation on mra and mrb. Suppose the time

complexity of this routine is Oð1Þ. Write down the pseudo-code to

compute mre for all edges e 2 G for a given abstract topology G.

Recall that mre refers to the merging region if the root node of

G is relocated to e (see Section 13.3.3.4). Assume that you already

have the merging regions for all nodes in G. The time complexity

of your algorithm should be linear.
13.8. (Bounded-Skew Routing) Use the bucket decomposition in Sec-

tion 13.3.3.3 in the Greedy-BST/DME algorithm. If you also incorpo-

rate the re-rooting algorithm in Exercise 13.7, what is the time

complexity of your Greedy-BST/DME algorithm?

13.9. (Useful-Skew Routing) Suppose you have been given a skew sche-

dule. In other words, all skew constraints are equality constraints.
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Modify the zero-skew routing tree algorithm in Algorithm 13.4 to
perform prescribed useful-skew routing.

13.10. (Buffer Insertion) In Section 13.3.4.1, the merging region mrva is

computed by computing the merging segments Va and V 0a, assuming

that a buffer is inserted at v and a, respectively. Let CTa and CTb

denote the capacitances of the DC-connected subtrees rooted at a

and b, respectively. Also, let ta and tb denote the sink delays in the

two subtrees. Let L denote the distance between a and b.

(a) Write down the respective equations for the distances of Va

and V 0a from a.

(b) Consider a sampling segment s in mrva . Let ds denote the dis-

tance of s from a. Determine jeaj and the location of the buffer

along the interconnect from v to a.

13.11. (Clock Gating) In Section 13.3.4.2, we demonstrated how C tot
Tx
,

GCTx , GC
eff

Tx
, UGCTx and C

eff

Tx
can be updated. However, we ignore

the parasitic capacitance Tcg=Rcg in the process.

(a) Write down the steps to update these capacitances, taking into

account Tcg=Rcg.

(b) Suppose instead of a clock gate, we insert a buffer. How do you

update these capacitances?

13.12. (Wire Sizing) In Section 13.3.4.3, we use wire sizing to reduce the

delay caused by a wire. We will investigate the possibility of the use

of wire sizing to slow down a wire in this problem. Consider a wire

with 4 segments, with each segment modeled as a lumped RC ele-
ment. For simplicity, we assume an L-type circuit for the lumped

RC element (i.e., the capacitance is at the downstream endpoint of

the resistance). Let the width choices form the set f1; 2; 3; 4; 5g.
A width choice of i has a wire resistance of value 1=i and a wire

capacitance of value i. Determine a wire width assignment that

would result in the longest wire delay. You may want to write a pro-

gram to enumerate all possible assignments.

13.13. (Cross-Link Insertion) Assuming that every node in a tree has a
field to record its distance (i.e., number of edges) from the root node

(see the definition of the level of a node in Section 13.3.4.4). Write

down an algorithm to determine the youngest common ancestor

(YCA) of two nodes without visiting any edges not on the paths from

YCA to the two nodes.

13.14. (Random Walk) Starting from the MNA equations

Gx þ C _x ¼ b

if a backward Euler approximation (step size h) is assumed we arrive

at an equation of the form:
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G þ C

h

� �
x k ¼ bk þ C

h
x k�1

(a) With the information provided in section 13.4.2 for RC net-

works, rewrite this equation for a node x only in terms of con-

ductances gi, current load Ix, and voltage values Vi.

(b) With the preceding equation, formulate the corresponding sto-

chastic game and describe its meaning. (Hint: first reformulate

to solve for Vx on the LHS and then describe what each term
on the RHS would represent.)

13.15. (Decoupling Capacitor) Consider the floorplan shown in Fig-

ure 13.64. Suppose after solving the linear program, you realize that

the decoupling capacitance requirement of m1 cannot be fulfilled.
However, there are some slacks in w1 and w2. How would you meet

the decoupling capacitance requirement of m1 without increasing

the chip area? Suggest an iterative approach on the basis of the linear

program in Section 13.4.3.4 to enhance the utilization factor of

white space for decoupling capacitor deployment.

13.16. (Decoupling Capacitor) For a decoupling capacitor to be effective

in countering the power supply noise induced by the switching

activity of a circuit module, the decoupling capacitor must be placed
within some distance of the circuit module. Modify the linear pro-

gram in Section 13.4.3.4 to enforce the constraint on the distance

between a decoupling capacitor and the circuit module that it is

safeguarding.
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